CHAPTER

6

AMPLIFIERS

6.0 INTRODUCTION

This chapter uses the building blocks of the last chapter to develop basic ana-
log circuits and amplifiers. This material represents the middle step in the ana-
log design hierarchy of Table 5.0-1. The primary focus of this chapter is the
development of integrated circuit amplifiers using the building blocks of the last
chapter. The concepts illustrated in Figs. 5.0-1 and 5.0-2 will be implemented in
the following material.

The circuits included in this chapter are the inverting amplifier, the improved
inverting amplifier, the differential amplifier, the output amplifier, the operational
amplifier, and the comparator. The inverting amplifier, sometimes called an invert-
er, is one of the primary gain stages of analog amplifiers. The performance of the
inverting amplifier can be improved as discussed in Sec. 6.2 by the use of additional
devices. These additional devices typically appear in the cascode configuration, and
are often termed cascode amplifiers. The improvements are not only in the area of
performance, but also in the area of more degrees of design freedom.

Next in importance to the inverting amplifier is the differential amplifier. It
is very useful as an input stage and is highly compatible with integrated circuit
technology. The next one-stage amplifier to be considered is the output amplifier.
This amplifier is necessary to interface the output of an amplifier to a low-
resistance or low-capacitance load. Normally, amplifiers are incapable of driving
a low-resistance/high-capacitance load. The output amplifier is difficult to design
since it requires large, linear output swings across low resistive loads.

These amplifiers can be combined in the manner suggested by Figs. 5.0-1
and 5.0-2 to result in an operational amplifier. The operational amplifier is
often considered the most useful circuit in analog integrated circuit design. It
represents a good example in implementing circuit functions independent of
its own performance characteristics using negative feedback. The last circuit
presented in this chapter is the comparator. It is a circuit used to detect voltage
thresholds and finds use in many analog and digital functions.
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The emphasis of this chapter varies as the material progresses. The focus
of the sections on inverting and differential amplifiers is on the small signal
performance. This includes the ac gain, input and output resistances, bandwidth,
and noise. These amplifiers are typically used as input or interstage amplifiers
and do not have large signal swing requirements. The focus shifts to large
signal considerations for output amplifiers. Here the key performance aspects
include large signal swing, linearity, efficiency, and low output impedance. In
operational amplifiers, the emphasis includes both small signal and large signal
considerations. For the comparator, the focus is primarily on the large signal
transient performance.

6.1 INVERTING AMPLIFIERS

One of the most useful amplifiers is the inverting amplifier, also called the
inverter. As its name implies, the inverter produces an output that is inverted
with respect to the input. If the input signal is changing in a positive (negative)
manner, then the output will be changing in a negative (positive) manner. The
inverter is widely used in both analog and digital circuits. In digital circuits, the
inverter accomplishes the Boolean operation of negation or inversion. In analog
circuits, the inverter is used to achieve amplification. Topologically, the simple
analog and digital inverters are often identical. The use of the inverter in digital
circuits will be described in more detail in Chapter 7. This section will examine
the use of the inverter in analog circuits.

Coverage of the inverter naturally follows the material presented in the last
chapter. Descriptions of the various forms of the inverter will use concepts from
each section of Chapter 5, particularly the sections on active resistors and current
sources/sinks. This section will be divided into three parts. The first part will
present the general concepts of the inverter, independent of the technology used
to implement it. The second part will examine inverters that use MOS technology.
The last part will examine inverters using BJT technology.

The inverting amplifiers discussed in this section will be restricted to small
signal, linear applications. Consequently, the emphasis will be on the fundamental
concepts, the various inverter architectures, the small signal performance, and the
noise performance. Large signal considerations, such as power dissipation, signal
swing, nonlinearity and efficiency, will be emphasized in the section dealing with
output amplifiers.

6.1.1 General Concepts of Inverting Amplifiers

The objective of the inverting amplifier used in analog circuits is to provide
an inverting, small signal voltage gain greater than 1. One can appreciate the
advantage of the inverting amplifier over a noninverting amplifier by noting that
two cascaded inverters can implement a noninverting amplifier, but a noninverting
amplifier cannot implement an inverting amplifier. Although inverting amplifiers
are not restricted to voltage input and output variables, this form of the inverter
will be considered here.
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Figure 6.1-1 shows a two-port representation of the inverting voltage
amplifier. The inverter can be characterized by the transfer characteristics defining
the dependence of Voyr on Vi, the input resistance (Rpy), and the output resis-
tance (Royt). In this section the characterization of the inverter is from the small
signal viewpoint. Thus, an inverting voltage amplifier would be characterized by
the small signal voltage gain, vou/vi; = A,, the small signal input resistance,
rin, and the small signal output resistance, roy. It is necessary that the value of
A, should be negative and greater than unity. It is desirable but not necessary to
have r;, large and r o, small.

The small signal performance of the inverter can be further characterized
in the frequency or time domain. In the frequency domain, A,(w) of the ideal
inverter should have a magnitude, A,(, independent of frequency and a phase
shift of =180°. At some frequency, the magnitude of A,(w) of the practical
inverter will decrease. The frequency at which the magnitude of A, (w) is equal
to Ao/ V2 is called the —3 dB frequency (w.3 gg). Although inverters built from
discrete components may have a finite lower —3 dB frequency (due to coupling
capacitors), the gain of integrated circuit inverters is A,o for all frequencies
sufficiently below w.3gg. Thus the bandwidth of the inverter is equal to w.3qg. It
is important that the inverter have sufficient bandwidth for its given application.

The small signal frequency response can alternately be characterized by the
small signal time domain response. For the case just discussed, the inverter acts
as a low-pass amplifier with a cutoff frequency of w.345. The pulse response of
a first-order system would be characterized by a 10% to 90% rise time given
approximately as 2.2/ w.3gp. Another important aspect of the small signal perfor-
mance of the inverter is noise. In many cases, the inverter is used as an input
stage for a more complex amplifier. In order to reduce the noise of the complex
amplifier, it is important to reduce the noise of the input stage.

In its most simple form, the inverting amplifier can be represented by two
blocks. One of the blocks is a voltage-controlled current source, and the other is a
load. It is important to recognize two types of voltage-controlled current sources.
The distinction will be based on Fig. 5.3-2, which defined a current sink and a
current source. In this case, the currents are controlled by the voltage at a third
terminal. We shall define the blocks in Fig. 6.1-2 to schematically represent a
voltage-controlled current sink and a voltage-controlled current source. Vp and
Vn are defined as the most positive and negative dc voltages, respectively. The
notation G will be used to designate a voltage-controlled current sink/source. The
voltage-controlled current sinks/sources of Fig. 6.1-2 are three-terminal devices.
The terminals are designated I for input, O for output, and X for the terminal
common with Vy or Vp. The voltage between terminals I and X (X and I) controls
the current at terminal O for Fig. 6.1-2a (Fig. 6.1-2b). In general, I for Fig.
6.1-2a can be expressed as

Io = gsink(Vix, Vox) (6.1-1)
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(b)

FIGURE 6.1-2
Schematic representations for (a) A voltage-controlled current sink and (b) A voltage-controlled
current source.

and for Fig. 6.1-2b as
Io = gsource(Vx1, Vx0) (6.1-2)

The nonlinear functions in Eqs. 6.1-1 and 6.1-2 depend on the technology used
to implement the controlled source/sink.

The voltage-controlled sources/sinks are combined with the two-terminal
loads to implement the three basic types of inverter architectures shown in Fig.
6.1-3. Figure 6.1-3a illustrates an inverter using a voltage-controlled current sink
and a load connected between O and Vp. This inverter is called a sinking inverter
because it sinks the current through the load. Figure 6.1-3b uses a voltage-
controlled current source and a load connected between O and Vy. This type

FIGURE 6.1-3

Generic representations of inverter architectures: (a) Sinking inverter, (b) Sourcing inverter, (c)
Push-pull inverter.
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of inverter is called a sourcing inverter because it sources the current in the load.
The third architecture is shown in Fig. 6.1-3c. It uses a voltage-controlled current
sink and a voltage-controlled current source. There is no external load in this
architecture. This type of inverter is called a push-pull inverter. The loads in Fig.
6.1-3 can be any of the two-terminal active resistor realizations of Sec. 5.2 (Fig.
5.2-2, 5.2-3, or 5.2-6) or the dc current sources or sinks of Sec. 5.3. The use of
dc current sources or sinks to realize the load will lead to high values of small
signal voltage gain, A, .

The large signal transfer behavior of the inverter can be intuitively
developed. Consider the sinking inverter of Fig. 6.1-3a. Assume that Viy is
taken to V. With Vix equal to zero, /o will also be zero. We will call this
the off state of the controlled sink. Because we are assuming that no external
current flows, then I is also zero. When no current flows through the load,
the voltage across it will be zero or close to zero. Therefore, Voyr is approx-
imately Vp. This corresponds to the upper left-hand corner of the plot of Fig.
6.1-4a. To simplify the analysis, we shall assume that the controlled sink turns
on when Vix = Vg (VN = Vg + V). At this point the current I will start
to flow. Because /o = Iy, the voltage across the load starts to increase, caus-
ing Vour to decrease. As Viy continues to increase, the voltage drop across the
load approaches Vp — Vy, which implies that Voyr approaches V. Under this
condition, the controlled sink reaches a state where the current can no longer
increase and the voltage Vx is approximately zero. We will call this the or state
of the controlled sink. The region between the off and on states will be called
the transition region. The transfer curve in Fig. 6.1-4a is arbitrary because we
have not used the actual relationships expressed by Eq. 6.1-1 for the controlled
sink. It should be noted that the curve does not necessarily go through the origin,
as implied in Fig. 6.1-4a.

Identical considerations hold for the sourcing inverter of Fig. 6.1-3b. In this
case, when Vyy is at Vy, the controlled source is in the on state, where Vg is
approximately zero and the current through the load is limited. Therefore, Vqur
is approximately equal to Vp. At some point as Vy is increased, the voltage
Vxo will start to increase, causing Voyr to decrease. When Vy; is equal to
Vru (Vin = Vp—V1H), I is zero and the voltage across the load is zero, causing
Vour to be approximately Vy. The region between the on and off states of the
controlled source is, again, the transition region. As with Fig. 6.1-4q, the transfer
curve in the transition region is arbitrary because the exact relationship of Eq.
6.1-2 is not known. Again, the curve does not necessarily go through the origin
as implied by Fig. 6.1-4b.

The general transfer curve for the push-pull inverter of Fig. 6.1-3¢ can
be determined in a similar manner. It will be helpful to assume that a load
resistor of large value is connected from the output to ground. When Viy is
at Vy, G1 is off and G2 is on. Because /; is zero, /oy flowing through the
load resistor will cause Vgyr to be at Vp. As Vg increases from its value of
VN, Vixq will equal Vg (Vin = VN + V) and the current I o begins to flow,
causing the current in the load resistor to decrease and resulting in a decrease
in Voyr. At some point in the further increase of Vi, Ig; = Ig; and Vgyr is
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FIGURE 6.1-4
Typical voltage transfer functions for the inverters of Fig. 6.1-3: (a) Sinking inverter, (b) Sourcing
inverter, (c) Push-pull inverter.

zero. Further increasing Vyy causes Io; > Igp, and Voyur becomes negative
and approaches Vy. When Vxyp = Vgo(Vin = Vp — Vp), G2 turns off and
Vour is at V. The external load resistance used for this analysis turns out to be
the output resistances associated with the controlled current sinks/sources. Voyr
is not necessarily zero at V IN = 0 as implied by Fig. 6.1-4c.

The small signal voltage gain of the inverter can be related to the voltage
transfer characteristics of Fig. 6.1-4 by the following definition.

(6.1-3)

Q-point
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where the Q-point refers to a given value of the input or output voltage. Therefore,
we see that the slope of the voltage transfer function of the inverter determines its
gain. Obviously, the desired Q-point for a high-gain inverting amplifier is in the
transition regions of Fig. 6.1-4, where the slope is the steepest. This will simplify
our considerations because we can ignore the regions of operation outside of the
transition region. This represents a major distinction between digital and analog
circuits. In digital applications, the inverter will be operated from one extreme to
the other. The two quiescent operating states of digital circuits will be in the flat
portions of the voltage transfer curves of Fig. 6.1-4.

When the inverting amplifier is biased at a Q-point in the transition region,
the next step is to linearize the circuit. This is done by expanding Egs. 6.1-1
and 6.1-2 about a Q-point. While the formal mathematical characterization uses
a multivariable series expansion, we shall approximate the result with only the
first-order terms. Consider the approximation of Eq. 6.1-1, given as

ol
Io = gsik(Vix, Vox) = 1o + —2
IVix

ol
AVix + ——0‘ AVox (6.1-4)

where Q indicates operation at the dc bias point. Noting that the ac output current,
io, is defined as Io — I, allows us to express Eq. 6.1-4 as

. ol
io=1Io—1,= avg(

a1
AVix + '——O' AVox = gmVix T goVex
(6.1-5)

where the signal swings are small enough so that the ac voltages vi and vy, can
be closely approximated by AVyx and AVox, respectively. The notations gm and
g followed by other subscripts are used to relate the current dependence on a
voltage at different terminals and voltage at the same terminals, respectively. gm
is called transconductance and g is called conductance. In a similar manner, the
ac current of the voltage-controlled current source of Eq. 6.1-2 can be expressed
as

Q

Io = gmVxi T &oVxo (6.1-6)

In some of the practical voltage-controlled current sinks/sources, there may
be an input current caused by the controlling voltage. This leads to two more
expressions necessary to characterize the voltage-controlled current sink/source
in addition to Eqs. 6.1-1 and 6.1-2. These general expressions are

It = gin(Vix) (6.1-7)
and
I = gs’ource( Vx1) 6.1-8)

Repeating the considerations of Egs. 6.1-1 and 6.1-2 for Eqs. 6.1-7 and 6.1-8
results in the following relationship for the voltage-controlled current sink:

I; = 8iVix (6.1-9)
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FIGURE 6.1-5
ImYi _  Small signal model for a voltage-controlled
o  current sink/source.

and for the voltage-controlled current source:
I = 8ivxi (6.1-10)

g; is called the input conductance and denotes the change of the input current due
to a change in the input voltage.

Both Egs. 6.1-5 and 6.1-9 or 6.1-6 and 6.1-10 can be modeled schematically
as illustrated in Fig. 6.1-5. The small signal model for the voltage-controlled
current sink and voltage-controlled current source are identical because small ac
changes are insensitive to dc polarities. An ac model for the inverters of Fig. 6.1-
3a and b can thus be obtained by adding the resistance (r;) or a conductance (g))
in parallel with the output of the circuit of Fig. 6.1-5, resulting in the complete
model shown in Fig. 6.1-6. The value r; was typically designated as r, for the
loads discussed in Chapter 5. Alternately, r, could be derived by a development
similar to that used in obtaining Eqs. 6.1-7 through 6.1-10.

The small signal ac performance of the sinking and sourcing inverters can
be easily analyzed from the circuit of Fig. 6.1-6. It can be seen that the ac gain,
the input resistance, and the output resistance are as follows.

Vout —8m

A, =— = —2—— = — 6.1-11
v Vin 2o + &1 8 m’ out ( )

1
Tin =ri = — (6.1-12)

8i

and
1

ot = — (6.1-13)

ro t 1] 8o t 81

The small signal model for the push-pull inverter is obtained by connecting
two of the models in Fig. 6.1-5 in parallel, resulting in the model of Fig. 6.1-7.

—0
+

VY,
% g ' FIGURE 6.1-6

ImYi _  Small signal model for the inverters of Fig.
—0 6.1-3a and b.
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Small signal model for the push-pull inverter of Fig. 6.1-3c.

+

Vin i

o

In this case, the ac gain, the input resistance, and the output resistance are given
as follows.

Vou  —(gm1 + &m2)
A, =2t - 28ml T 8md) (o4 e (6.1-14)

Vin go1 T 82
rit’riz 1
Fip = = (6.1-15
" oratre g+ 8o )
and
1
Fou = —22 (6.1-16)

rot T ro2 8ol T 8a2

Except for the sum of the transconductances in the numerator of A, and the
paralleling of the input resistances, the ac model for the push-pull inverter is
similar to the ac model for the sinking and sourcing inverters.

In order to consider the frequency response, it is necessary to introduce
parasitic capacitances into the ac models of Figs. 6.1-6 and 6.1-7. As was
discussed in Chapter 3, parasitic capacitances are always present in any device
and are due to actual capacitance or to the finite time required for carriers to
move from one point to another. Figure 6.1-8 shows a model that is suitable
for the ac frequency analysis of all three inverter architectures. r; is equal to
Fin, 72 i equal to roy, and gy, is equal to g or g for the sinking or sourcing
inverters and to g,,; + gm for the push-pull inverter. C; and C, represent all
parasitic capacitors associated with the input and output nodes, respectively. C;
represents all capacitors connected between the input and output. Depending upon

iin C3
I | ¢
© 0
+ I\ +
Vin C1 g r2 CZ ;: Vout

ImVin

__)

FIGURE 6.1-8
Small signal model including capacitances for the three inverter architectures of Fig. 6.1-3.
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the technology used to implement the inverters, these capacitors could have values
ranging from 5 fF to 5 pF.

We will consider the frequency response of Fig. 6.1-8 for two cases. The
first is when the input source is a voltage, vin, and the second is when the input
source is a current, i;,. If the input source is a voltage, then the currents can be
summed at the output node to give

Vour(s)(g2 + sG) + sC3[Vouls) — Vin(s)] + gmVin(s) = 0
6.1-17)

In Eq. 6.1-17, s is the complex frequency variable. Solving for the complex
frequency transfer function Vou(s)/Vin(s) gives

—8m[1 ~ s(Cslgm)]  _ , (1—s/z1)
g1 +s[(C + Co)lgalt (1 + sipy)

where the midband gain, Ao, the zero, z;, and the pole, p;, are given as

Ay(s) = (6.1-18)

Ay =—2m (6.1-19)

82
7 =8m (6.1-20)

3

and
—82

- 6.1-21
D1 G+ G ( )

It is seen that the voltage-driven inverter has a first-order transfer function with
a midband voltage gain corresponding to the ac voltage gains of Eq. 6.1-11 or
6.1-14, a zero in the right-half complex frequency plane, and a pole in the left-
half complex frequency plane. Generally, the value of gr, is much greater than
g» so that the zero has little influence upon the frequency response. In this case,
the w.34g frequency would be given as

82
W34 = C2 n C3 (61-22)
In some technologies, the value of g, may not be sufficiently greater than g; so
that the zero must be considered. The influence of the right-half plane zero has
two important effects. The most obvious effect is to boost the magnitude of the
frequency response. The less obvious effect is to cause a phase lag similar to a
pole. If negative feedback is placed around such an inverter, it will have very
poor stability characteristics. A typical frequency response for a voltage-driven
inverter is shown in Fig. 6.1-9.
If the inverter of Fig. 6.1-8 is current-driven, then an equation in addition to
Eq. 6.1-17 is required. This equation is found by summing currents at the input
node and is given as

Iin = —(g1 + sC)Vin(s) + sG[Vin(s) — Vou(s)] (6.1-23)
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FIGURE 6.1-9
Typical frequency response for a voltage-driven inverter.

Simultaneously solving Egs. 6.1-17 and 6.1-23 for the transfer function
Vout(8)/1in(s) results in the following.

Vour(s) -
Iin(s)
—gmll —5(C3/gm)]
8182 + s[81(Cy + G3) + g2(Cy + C3) + gnC3]l + s3( GG + C1G + GC5)
(6.1-24)

Equation 6.1-24 can be rewritten as

Youls) =(?ﬁ) [1-5(Cs/gm)] / {1+51C + G)lgx + (CL + C)g
Iin(s) 8182

+ (gmGC3)/(8182)] + sX(C1Cy + C1C3 + C,C3)/(g182)}
(6.1-25)

The frequency response of the current-driven inverter is seen to have two
poles, p; and p,. In most inverters, the magnitude of one of the poles is much
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less than the magnitude of the other; in other words, |p;| << |p,|. In this case,
we are able to find the pole locations in terms of the model parameters by the
following method. Assume that the denominator of Eq. 6.1-25, D(s), can be
written as

/ [ 1 1 2 2
D(s)=(1—i)(1—i)=1—s(—+— i
P1 P2 P1 P2 D1p2 D1 Pip2

(6.1-26)

where |p1] >> |p,|. Equating the denominator of Eq. 6.1-25 to Eq. 6.1-26 results
in the approximate pole locations expressed as

+CG  CG+C G|~
R X o S T o S 3) ~ 8182 (1.7
g1 g2 8182 gmC3
and
—gmC
”s gmG;s (6.1-28)

- CiG + GG + GG

Assuming that C;, C;, and C; are all about the same value and that g, is much
gredter than g, or g, leads to the conclusion that w_34g is approximately given
by

8182
} &3
Comparing Eqs. 6.1-22 and 6.1-29 shows that the bandwidth of the current
driven inverter is approximately Ay (= gm/g>) less than that of the voltage-driven
inverter. The reason for the decrease in bandwidth is the influence of the gain of
the amplifier on the capacitor C;. Because this capacitor is connected between the
input and output, it has the voltage gain of the inverter across it. When viewed
from the input, this makes the C; capacitor look 1 + A larger than it really is.
This effect is called the Miller effect. When the input is current-driven, the large
Miller capacitance can create a dominant pole at the input as just shown. Figure
6.1-10 shows the typical frequency response for a current-driven inverter.

The last small signal characteristic we will examine is noise. Unfortunately,
the noise models are sufficiently technology-dependent that it is more suitable to
introduce the noise analysis after the technology has been selected.

In this subsection the inverter has been introduced from a generic viewpoint.
The various types of inverter architectures were discussed and analyzed from both
a large signal and a small signal viewpoint. In the following subsections, we will
apply these ideas to inverters using MOS and BJT technologies.

W34 = (6 1-29)

6.1.2 MOS INVERTING AMPLIFIERS

The general concepts of inverting amplifiers will now be applied to MOS
technology. The possible MOS implementations of the sinking inverter architec-
ture of Fig. 6.1-3a are shown in Fig. 6.1-11. Each of the lower blocks is a
realization of the voltage-controlled current sink using an n-channel transistor.
Each of the upper blocks represents a realization of the load connected between
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FIGURE 6.1-10
Typical frequency response for a current-driven inverter.

the output of the voltage-controlled current sink and Vpp. A CMOS technology
having a depletion transistor capability is able to implement all of the inverters of
Fig. 6.1-11. If the CMOS technology does not have a depletion transistor capa-
bility, then only the inverters of Fig. 6.1-11a, b, and ¢ can be realized. An NMOS
technology with a depletion transistor capability can realize the inverters of Fig.
6.1-11c or d. An NMOS technology that does not have a depletion transistor
capability can realize only the inverter of Fig. 6.1-11c.

The voltage transfer function of the MOS inverters of Fig. 6.1-11 can be
found using the approach demonstrated in Fig. 6.1-4. When Vy of Fig. 6.1-11a
is at Vsg, the drain current in M1 is zero. Because M2 has its drain and gate
connected, it is always in the saturation region. Therefore, Eq. 9 of Table 3.1-1
shows that for zero current, the value of Vgso(Vpsy) is equal to Vpy. Therefore,
the value of Voyr is Vpp — Vo until Vi increases from Vgg to Vyy, where
M1 turns on. At this point the output voltage starts to drop as in Fig. 6.1-4a.
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Possible realizations of the sinking inverter for Fig. 6.1-3a: (a) Active p-channel load, (b) Current
source load, (c) Active n-channel load, (d) Depletion n-channel load. All potentials are with respect
to ground.

Unlike the ciruit of Fig. 6.1-4a, however, the output voltage of Fig. 6.1-11a
never reaches Vgg.
As the current in M1 and M2 increases because Vyy is approaching Vpp, the
voltage across M1 only increases by the square root of the current. Figure 6.1-12
shows the resulting voltage transfer curve for the inverter of Fig. 6.1-11a when
W1 =15 ,LL,Ll =10 M, W2 =35 [.L,Lz =10 M, VDD = —Vss =5V, for a CMOS
technology corresponding to the parameters in Table 3.1-2. The SPICE input file
necessary to generate this plot is included in the figure.

It is of interest to identify in Fig. 6.1-12 the regions where M1 is off, ohmic,
and saturated. M1 is off when Viy < Vgs + V11 = —4.25 V. M1 is saturated
when

Vpst > Vst — V1 2 Vour — Vss > Vin— Vss — Vi 2 Vour > Vin — Vny
(6.1-30)

The various regions of M1 are shown in Fig. 6.1-12. This information is important
because now we know that the transition region corresponds (for the most part)
to M1 operating in the saturation region. The large signal equation that governs
the operation of both devices in the transition region is from Eq. 3.1-4

K'wW
Ip~—7—(Ves = Vo)? (6.1-31)

where we have neglected the channel modulation effect (A). Equatlng Ipitolpy
results in the following relationship.

KiW,

KW
S0 (V- Vss — V)2 = 2 2

(VDD Vour — Vm)?  (6.1-32)
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] I 1 T T T
r PSPICE FILE FOR FIG. 6.1-12 : :
! .WIDTH :
40F - “VIN10DC -
I VDD 3 0 DC5.0
' VS 4 0 DC -5.0 )
J M1 2 1 4 4 NMOS1 W=15U L=10U
1 M2 2233 PMOS1 W=5U L=10U .
o0k 1 . MODEL NMOS1 NMOS VTO = 0.75 KP =24U |
: I *GAMMA = 0.8 LAMBDA = 0.01 PHI=0.6
I . MODEL PMOS1 PMOS VTO =—0.75 KP =8U
! * GAMMA = 0.4 LAMBDA = 0.02 PHI = 0.6 ?
| .DCVIN-50 50 01 °
Vour : . nggEv )
volts | voltage "END.
: transfer .
I curve
| .
20k 4 o 4
| . .
| Vout =Vin V11
M1 I'M1 saturation ) )
off 1
I
|
_.40 - : . . . . -
I M1 ohmic | ) j
| | 1 1
-4.0 -2.0 0.0 2.0 4.0
Vin, volts

FIGURE 6.1-12
VTC of sinking inverter with active load.

If the inverter of Fig. 6.1-11a is biased in the transition region, then Eq. 6.1-3
can be used to find the small signal ac voltage gain. Applying Eq. 6.1-3 to Eq.
6.1-32 results in

Vout
A, =— =

Vin IVin |Q—

IVour| _ _(wale)o's (6.1-33)

K3L W3
We can also use the small signal model of Fig. 6.1-6 to calculate A,. From
Chapter 3, we know that g; =0, gm = gm1, §o = 8as1, and g1 = gm2 + a2 =~
gm2- Eq. 6.1-11 and Eq. 3.1-11 give the small signal voltage gain as

Ki(W,/Ly)
K3(W,/L))

0.5
(6.1-34)

A, = Vout _ —8ml gml

Vin  &dst T 8m2 T Lds2 8m2

The two approaches to finding A, are seen to agree as expected. Using the small
signal model, we can find the input and output resistances as
Fip = ® (6.1-35)
and
1 1
== — (6.1-36)
8ds2 T 8m2 Em2

The frequency response of the inverter of Fig. 6.1-11a can be found by
inserting the transistor capacitors used in Ex. 3.1-5 into the circuit of Fig. 6.1-11a

T out
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and comparing the result with Fig. 6.1-8. C;, (;, and G; of the circuit of Fig.
6.1-8 become

C1 =Cgs1 + Cgpi (6.1-37)

C; =Cgp1 + Cgs2 + Cep2 + Cone2 (6.1-38)
and

G =Cop1 (6.1-39)

Therefore, the upper —3 dB frequency for the voltage-driven inverter of Fig.
6.1-11a is found from Eq. 6.1-22 as

gm2 + 8ds1 t+ &ds1
Gep1 + Cgs2 + Cepz + Copi + Cop2

Ww.3dB = (6 1-40)

The noise of an inverter is also one of the small signal performance char-
acteristics of interest when inverters are used as small signal amplifiers. Noise
is a phenomenon caused by small fluctuations of the analog signal within the
components themselves. Noise results from the fact that electrical current is not
continuous but the result of quantized behavior and is associated with fundamental
processes in a semiconductor component. Common types of noise for semicon-
ductor devices are thermal and 1/f noise.

Regardless of the type of noise, the model always can be characterized by
an independent voltage or current source. In general, noise is expressed in terms
of its mean-square value [V(rms)?]. Noise spectral density is the noise mean-
square value per Hertz of bandwidth [V(rms)?/Hz]. The model for noise in an
MOS device can be modeled as an independent voltage in series with the gate
as shown in Fig. 3.1-30b. Figure 6.1-13 shows the noise models added to the

active-load sinking inverter of Fig. 6.1-11a. V2, and V2, are the mean-square

Voo

Vour
Vm
V|No——@—| M1
Vss
FIGURE 6.1-13

Noise model of Fig. 6.1-11a.
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noise voltages of M1 and M2 modeled at the input (gate) of each device. Since Vy,
and V,, are uncorrelated, the output mean-square noise voltage can be calculated
using superposition. The part of the output due to Vﬁl is

2
V2, = g—‘ﬁ) V2, (6.1-41)
8m2
The part of the output due to V2, is
VL, =V, (6.1-42)

It should be noted that all gains between the input and output are positive and
squared. Also, the value of output due to V2, is equal to V2, because the gate
voltage of M2 is constant (Vﬁz only changes the drain voltage). Summing Egs.
6.1-41 and 6.1-42 gives the total output mean-square noise voltage.

It is customary to reflect the output mean-square noise voltage to the input
of the amplifier. This input referred noise voltage obtained by dividing the output
noise voltage by the voltage gain is called the equivalent, input-referred, mean-

square noise voltage of the amplifier and is given as

V2 = 72
Veq=Va t+

ml

2
‘z—“@) V2, (6.1-43)

Veq is a frequency independent noise because we used the midband or frequency
independent voltage gain. Equation 6.1-43 represents the equivalent input mean-
square noise voltage of Fig. 6.1-11a. When the designer knows the form of the
noise mean-square voltages, then Eq. 6.1-43 can be used to minimize the noise.
For example, the 1/f noise of a MOSFET was given in Eq. 3.1-35 and can be
expressed in terms of noise-voltage spectral density in a 1 Hz band as

G =N _ B
VN g2 fWL

m

(V Y/Hz) (6.1-44)

where B is a constant that is dependent on the technology. We note from Eq.
6.1-44 that the larger-area devices will have less 1/f. It has also been empirically
observed that B is less for p-channel than for n-channel devices, when everything
else is equal. Substituting Eq. 6.1-44 into Eq. 6.1-43 gives

L\
=
If the length of M1 is much smaller than that of M2, the input 1/f noise will be
dominated by that of M1. To minimize the 1/f contribution due to M1, its width
must be increased as much as possible. Other types of noise substituted into
Eq. 6.1-43 will provide other guidelines to reduce the noise of an amplifier. In
general, the designer should try to make the gain of the first stage of an amplifier
as large as possible to reduce the overall noise.

An example follows to illustrate the small signal performance of the active-
load sinking inverter of Fig. 6.1-11a.

By
fWiL,

KpBp

2
H .1-4
KiBx (V “/Hz) (6.1-45)

Sequir) =
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Example 6.1-1. AC performance of inverter of Fig. 6.1-11a. Determine the
small signal performance of the inverter of Fig. 6.1-11a using the model parameters
of Table 3.1-2, assuming that W/L, = 15 u/10 u and W,/L, = 5 u/10 u and
Vpp = —Vss = 5 V. The drain and source area (periphery) of M1 and M2 are
15013(504) and S0u2(30u), respectively. Assume that V., is biased at 0 V. Also
assume that the noise is white noise given in Eq. 3.1-34 and find the equivalent
input-noise-voltage spectral density.

Solution. We begin the solution by finding the dc current in M1 and M2, calcu-
lating the value of Vg, and determining the region of operation for M1. In these
calculations we will ignore the influence of the channel modulation (A). The dc
quiescent current can be found from the voltage drop across M2 and is

_ KW 8(5)

= ~Vou = V12 = 2 -(5 — 0.75) pA =
1 2L, (Vop = Vou — V1) 2(10)( 0.75)% nA = 36 uA

Assume that M1 is saturated. The value of Vi that gives 36 uA is found as

0.5

AL _ o, [266310) 03

Knw (24)(15)

Thus, M1 is in fact saturated and Vo, = 0 V corresponds to V;, = —2.83 V, as
seen in Fig. 6.1-12.

Next, we calculate the small signal parameters for M1 and M2. Using the
formulas of Table 3.1-3 gives gm; = 50.91uS, g4 = 0.36uS, gmy = 16.97uS,
and g4 = 0.72uS.

Equation 6.1-11 gives

=075+141 =217V

Vgsl =Vn + (

~50.91
Ar=Teorro036+072 2%
Equation 6.1-13 gives
Fout = 1 = 55.4 kQ

(16.97 + 0.36 + 0.72) uS

The capacitors of Eq. 6.1-40 are found using the formulas of Fig. 3.1-196 and
the capacitances of Table 2B.4. In this example, we shall include the sidewall
capacitances and will assume that the Value of n in Eq. 3. 1-14 is 0.5 for both the
bottom and sidewall junction capacitances. The capacitors of Eq. 6.1-40 are

Cep1 =(0.33)(150)[1 + (5/.6)]7%3 + (0.9)(50)[1 + (5/.6)]7*° =
16.20fF + 14.73fF = 30.93fF

Cos2 =(0.7)(5)(0.6) + (0.67)(50)(0.7) = 2.1fF + 23.33{F = 25.43fF

Cepz =(0.38)(50)[1 + (5/.6)17%% + (D(BO)[1 + (5/.6)]7%% =
6.22fF + 9.82fF = 16.04{F

Cop1 =(0.7)(15)(0.45) = 4.73fF
Cop2 =0
Substituting the above values in Eq. 6.1-40 results in

e = 18.05uS
~3B 7 30.93fF + 25.43fF + 16.04fF + 4.73fF

= 234Mrps = 37.2MHz



396 vLsi DESIGN TECHNIQUES FOR ANALOG AND DIGITAL CIRCUITS

Dividing the spectral noise density of Eq. 3.1-34 by g2 gives for M1
Svwn = 2.17 X 1076V Hz

and for M2
Svwp = 6.51 X 1076V*/Hz

The equivalent input-noise-voltage spectral density can be found from Eq. 6.1-43
by replacing each mean-square noise voltage by its noise voltage spectral density
and is

16.97

Seq = Svwn + (g 50.91

)vap—22x1o“6+( )65)(10“6

ml

=2.89 x 10715V %/Hz

The equivalent input-noise-voltage spectral density is equal to 17.0 nV/ VHz.

The performance of the inverter of this example is seen to have a low gain,
a moderate output resistance (for MOS devices), a large bandwidth, and an input-
referred noise that depends on the noise of the MOS devices. The performance of
the active-load sinking inverter can be altered by changing the bias current or the
W and L values of M1 and M2.

The voltage inverter of Fig. 6.1-11¢ will have characteristics similar to Fig.
6.1-11a with one exception. Because M2 is n-channel, it will experience bulk
effects causing V, to increase as Voyr increases. Consequently, the output high
value of Fig. 6.1-11c will be less than that of Fig. 6.1-11a. In addition, the back-
gate (bulk) transconductance (gmpp) Will cause the resistance of the load to be
slightly less, resulting in less ac gain. If Fig. 6.1-11c is used in Example 6.1-1
with the same W/L values and current for M1 and M2, the ac gain is —1.56, the
ac output resistance is 30.7 k), the bandwidth is 42.8 MHz, and the equivalent
input noise voltage spectral density is 17.3 nV/ VHz.

The ac voltage gains of the inverters of Fig. 6.1-11a and c are low because
the resistance of the load device is low. The inverter of Fig. 6.1-11b uses a current
source as its load and achieves a much higher gain. Figure 6.1-14 shows the
voltage transfer curve of the current-source-load sinking inverter of Fig. 6.1-11b
when Vgp is 2 V. When Vpy is at Vgg, M1 is off and the voltage across M2 is
zero, causing Voyr to be at Vpp. At some point when Viy increases, M1 will
begin to turn on, causing a current to flow in the inverter. This current flow causes
a drop across M2 causing the output voltage to fall. As Vi is increased past this
point, all of Vpp — Vss is dropped across M2, causing M1 to be in the ohmic
region with little voltage across it. In this condition, Vour is approximately Vss.

The regions of operation can be found as before using the transition rela-
tionship between the ohmic and saturation regions. M2 is saturated when

Vsp > Vsg+ | V2| = Vop — Vour > Vop — Vep— | V12|
Vour < Vep— | V2| (6.1-46)

The state of M1 is identified by Eq. 6.1-30. The various regions of operation
of M1 and M2 are identified in Fig. 6.1-14. Again, we see that the desired
ac operating region occurs in the transition region, where both M1 and M2 are
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[ . . . .
' .
.
40 : R T N o
b - +|V | '
: M2 chmic / PB -
' .
: . M2 saturation
20 — 1 . . . . . . . . . . . . —
(- C 2y —
: . . ‘{)UT VIN v
Vour L -— Voltage :
- transfer PSPICE FILE FOR FIG. 6.1-14
Volts 0.0 |- 1 | curve WIDTH —
I . VIN 1 0 DC
b » VDD 3 0 DC5.0
|—— M1 saturation VSS 4 0 DC —50
" VPB 5 0 DC 20
1 M1 2 1 4 4 NMOS1 W =150 L=10U
-2.0 |- L O M22133PMOST W=5U L=10U - -
o L. . MODEL NMOS1 NMOS VTO = 0.75 KP = 24U
M1 ! M1 ohmic * GAMMA = 0.8 LAMBDA = 0.01 PHI=0.6
: ’ ’ . MODEL PMOS1 PMOS VTO = -0.75 KP = 8U
cutoff|, - * GAMMA = 0.4 LAMBDA = 0.02 PHI = 0.6
[ .DCVIN-5.0 5.0 0.1
N N ” CPRINT V(). . . . . . .4
40 ! . PROBE
PN &y
1 I I T
-4.0 -2.0 0.0 2.0 4.0
Vin, volts
FIGURE 6.1-14

VTC of sinking inverter with current source load.

saturated. In the following discussion, we will assume that the inverter of Fig.
6.1-11b is biased with both M1 and M2 in the saturation region.

The operating point of the inverter of Fig. 6.1-11b can be found using the
previous approach. This time, however, the channel modulation effects should
be included in order to relate the drain-source voltage to the drain current. The
relationship for M1 and M2 is given as

K ’W

Ip = ——(Vgs — Vn)2(1 + AVpg) (6.1-47)

Equating I'p; to I'p, results in the following relationship for the inverter of Fig.
6.1-11b.

KW,

oL (vm Vss = V)21 + An(Vour — Vss)] =
KpW
;Lzz(vm — Vap — V) [1 + Ap(Vpp — Vour)]  (6.1-48)

Differentiating Eq. 6.1-48 with respect to Vyy results in the slope of the voltage
transfer curve in the transition region. Applying Eq. 6.1-3 to Eq. 6.1-48 results in

dVour| _ _[2KG(Wy/LDITS _  [2K{(Wy/Lp]** (6.1-49)
VN IQ AnI + Apl (AN + Ap)(1)05

Vout _

A, =

Vin
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where the channel modulation effect of Eq. 6.1-47 has been ignored after differ-
entiation and 7 is the dc current flowing through both M1 and M2.

We can also use the small signal model of Fig. 6.1-6 to calculate A, . From
Chapter 3, we know that g; =0, gm = gmi1, &0 = &ds1» and g1 = g4s2. Equation
6.1-11 and Table 3.1-3 give the small signal voltage gain as

- 2KG(W1 /LIS
A, = Yo _ gm  _ _ [2Kn(W, 1)]05 (6.1-50)
Vin  8ast t 8as2 (An + Ap)(T)Y
As expected, the two approaches to finding A, give identical results. Using the
small signal model, we can find the input and output resistances as

Fin = ® (6.1-51)

and

Tout = S S— (6.1-52)
8ds1 t 8ds2

The current-source-load sinking inverter of Fig. 6.1-11b has a very unusual
property. It is observed that in Egs. 6.1-49 and 6.1-50 the dc current appears only
in the denominator as the argument of the square root. This means that the ac
gain is inversely proportional to the square root of the dc bias current. The reason
for this can be seen from Table 3.1-3. The transconductance is proportional to the
square root of the current, and the conductance is proportional to the current. This
property of increasing ac gain as the dc current is reduced does not hold for the
previous MOS inverters. When the dc current is reduced to subthreshold levels
(~0.1 wA), the transconductance also becomes proportional to the dc current, and
the ac gain is no longer dependent on the dc current.

The frequency response. of the circuit of Fig. 6.1-11b can be found by
inserting the transistor capacitors of Example 3.1-5 into the circuit of Fig.
6.1-11b and comparing the result with Fig. 6.1-8. C;, C;, and G; of Fig. 6.1-8
become

C1 =Cgs1 + Cgpi (6.1-53)

G, =Cgp1 + Cop2 + Cp2 (6.1-54)
and

G =Cop1 : (6.1-55)

Therefore, the upper —3 dB frequency for the voltage-driven inverter of Fig.
6.1-11b is found from Eq. 6.1-22 as

~ Zds1 T 8ds2
Cspi + Cop2 + Cep2 + Copt

W_3dB (6 1-56)
The noise performance of the current-source-load sinking inverter of Fig.
6.1-11b can be investigated in a similar manner as before. It will be left until the
problems to show that the noise performance expressed in Eq. 6.1-43 is also valid
for the current-source-load sinking inverter. An example follows to illustrate the
stated relationships for Fig. 6.1-11b.
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Example 6.1-2. AC performance of the inverter of Fig. 6.1-115. Determine the
small signal performance of the inverter of Fig. 6.1-115 using the model parameters
of Table 3.1-2 assuming that Wy/L; = 15 u/10 w, Wo/L, =5 /10w, Vgp =2 V,
and Vpp = —Vss = 5 V. The drain and source area (periphery) of M1 and M2 are
1502 (50u) and 50u? (30u), respectively. Follow the approach of Ex. 6.1-1 to
calculate the capacitances. Assume that V,, is biased at 0 V. Also assume that the
noise is white noise given in Eq. 3.1-34 and find the equivalent input-noise-voltage
spectral density.

Solution. We begin by finding the dc current in M1 and M2, calculating the value
of Vg, and determining the region of operation for M1. From the given dc voltage,
we know that M2 is saturated. The dc current can be found from the voltage drop
across M2 and is

KW '
I === 2(VDD Vee— | V2 D2[1 + Ap(Vpp — Vo)l =
805 2 _
2(10)(3 075)(1+Q.1)MA—11.14;1,A

Assume that M1 is saturated. The value of Vs, that gives 11.14 A is found from
the following equation ignoring channel modulation effects on M1.

AL\ (2)(11.14)(10) |**
Kw| ~OP T T anas

Thus, M1 is in fact saturated and V., = O V corresponds to V;, = —3.46 V, as
seen in Fig. 6.1-14,

Next, we calculate the small signal parameters for M1 and M2. Using the
formulas of Table 3.1-3 gives g = 28 32p,S gast = 0.11uS, gmy = 9.44u8S, and

8as2 = 0.22u8.
Equation 6. 1 11 gives

=075+079=154V

Ves1 = V1 +

~28.32
Ay = 0.11 + 0.22 = 8474

Equation 6.1-13 gives
_ 1
Yo T 0,11 + 0.22)48

The capacitors of Eq. 6.1-56 are found using the formulas of Fig. 3.1-195 ind the
capacitances of Table 28.4. The value of n in Equation 3.1-14 will be 0.5 for both
the bottom and sidewall junction capacitances. The capacitances of Eq. b.1-56 are

Cop1 =(0.33)(150)[1 + (5/.6)17°% + (0.9)(50)[1 + (5/.6)]7%5 = 50.93¢F
Cop2 =(0.7)(0.6)(5) = 2.1fF

Copz =(0.38)(50)[1 + (5/.6)17"° + (D(30)[1 + (5/.6)] %% = 16.04fF
Cop1 =(0.7)(0.45)(15) = 4.73(F |

= 2.99 MQ

Substituting the above values in Eq. 6.1-56 gives

_ 0.33 uS
@348 = 3093 fF + 2.1 {F + 16.04 {F + 4.73 fF

=6.13 Mipk
—0.976 MHz
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Dividing the spectral noise density of Eq. 3.1-34 by g2 gives for M1

Svwn = 3.90 x 10716V2/Hz
and for M2
Sywp = 11.70 x 107 6V?/Hz

The equivalent input-noise-voltage spectral density can be found from Eq. 6.1-43 by
replacing each mean-square noise voltage by its noise spectral density and is

Seq = Svwn +

2
@) Svwp =
ml

2
Eﬁ) 11.70 X 10716 = 5,20 x 1071V ¥/Hz

90 X 10~16
3.90 X 1077 + 2832

The equivalent input-noise-voltage spectral density is equal to 22.8 nV/~+/Hz.

The performance of the inverter of this example is seen to have a high gain,
a high output resistance, a moderate bandwidth, and a noise primarily determined
by that of the MOS devices rather than the inverter configuration. As before, the
performance can be altered by changing the bias current or the W and L values of
M1 and M2.

There is one important difference in the potential noise performance of this
inverter compared with the previous ones. Assume that the inverter is used in the
first stage of an amplifier. Even though the equivalent input noise levels of the
inverters are approximately equal, the inverter of Fig. 6.1-11» would be a much
better choice for lower noise performance because its gain can be higher, causing
the noise of the following stages to have less effect on the overall noise of the
amplifier.

The remaining sinking inverter of Fig. 6.1-11 is the depletion-load sinking
inverter (Fig. 6.1-11d). This inverter requires the technology that offers the ability
to make n-channel transistors with a negative threshold voltage. If the gate and
source of a depletion transistor are connected, a well-defined drain current will
flow if Vpg > 0. Unfortunately, the depletion n-channel transistor of Fig. 6.1-11d
is susceptible to bulk effects because its source is not at Vgg. This causes the load
resistance to be approximately g,,, which is an improvement over the active-
load sinking inverter of Fig. 6.1-11a but not as high as the current-source-load
sinking inverter. If the inverter of Fig. 6.1-11d is used in Example 6.1-1 with the
same W/L values for M1 and M2, the ac gain is —15.89, the ac output resistance
is 312 k{2, the bandwidth is 6.83 MHz, and the equivalent input-referred noise-
voltage spectral density is 17.3 nV / VHz.

The preceding MOS inverter realizations all correspond to the sinking
inverter architecture of Fig. 6.1-3a. MOS realizations of the sourcing inverter
architecture of Fig. 6.1-3b can be found by simply taking the inverse of the real-
izations of Fig. 6.1-11. The inverse here means to interchange Vpp and Vgg and
to interchange each p-channel and n-channel transistor. In the sourcing inverter
architecture, all of the voltage-controlled current sources are p-channel devices.
As a result, for the same W and L values and dc currents, the sinking inverters
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will have a larger gain than the sourcing inverters because Ky is greater than Kp.
The analysis of the sourcing inverters is left to the reader.

The remaining architecture of Fig. 6.1-3 that will be considered is the push-
pull inverter of Fig. 6.1-3c. This inverter has only the CMOS realization shown
in Fig. 6.1-15a. The voltage transfer curve can be found using the reasoning
behind Fig. 6.1-4c. Figure 6.1-16 shows the resulting voltage transfer curve for
the push-pull CMOS inverter when Wiy =5 u,L; = 10 u, Wy = 15 u, Ly =
10 u, and Vpp = —Vgs = 5 V, using a CMOS technology corresponding to the
parameters in Table 3.1-2. The SPICE input file necessary to generate this plot
is included in the figure. Note that the W and L values have been changed in Fig.
6.1-16 so that the transition region is centered about Viy = 0 V. The transition
region of the push-pull CMOS inverter is much easier to design with respect to
Vi~ than any of the other inverters. The approach used in the design of the push-
pull inverter of Fig. 6.1-16 is called equal resistance. If the product of K’ and
(WI/L) are equal for both the n-channel and p-channel devices, then the design
will have equal resistance or equal sinking and sourcing capability when Viy is
midway between the power supplies. An alternate approach is called equal area
and uses equal values of W and L for both devices.

The regions of operation are identified in Fig. 6.1-16 using the previous
methods. In the following analysis we will assume that both transistors are in the
saturation mode, which corresponds to the steepest part of the transition region.
Note that the current flowing through M1 and M2 is also plotted in Fig. 6.1-16.
The scaling for the current is 20 uA = 1 V. It is seen that the current is highest
in the transition region, reaching a peak value of approximately 115 uA.

The operating point of the inverter of Fig. 6.1-15a is difficult to calculate
because both transistor drain currents are dependent on Viy. The best way to

Voo Voo

Vino— Vour Vino— —oVour

FIGURE 6.1-15
(a) Push-pull inverter, (b) Noise model of Fig. 6.1-15a.
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design the operating point would be to use some form of negative dc feedback.
For our consideration, we will assume the bias point has been established in the
transition region, where both transistors are operating in saturation. Equating /p;
to Ip, results in the following relationship for Fig. 6.1-15a.

K\W,
2L,

(Vin — Vss — VD[l + An(Vour — Vss)] =

KpW,
2L,

(Vop = Vin = V12)*[1 + Ap(Vpp — Vour)]  (6.1-57)
Differentiating Eq. 6.1-57 with respect to Vy results in the slope of the voltage

transfer curve in the transition region. Applying Eq. 6.1-3 to Eq. 6.1-57 results in

vou _ IVour| _ _ [2KN(Wi/LDI1%> + [2Kp(Wo/L)I1°?
Vin VN Q AnI + Apl

_ _ R2K&(WY/LDI®? + [2Kp(Wo/L)]*? (6.1-58)
(AN + Ap)(I)03 ‘
where channel modulation effects in Eq. 6.1-57 have been ignored after differ-
entiation, and 7 is the dc current flowing through both M1 and M2.
The small signal model of the circuit of Fig. 6.1-6 can also be used to
calculate A,. From Chapter 3, we know that g; = 0, gy = g1 + &m2, and
go = gds1 + &ds2. Equation 6.1-11 gives the small signal voltage gain as

Vou _ —(8m1 + gm2) _ _REG(WY/LDI™S + [2KH(Wo/Ly)]>3
Vin 8ds1 T Lds2 (AN + Ap)T)03

A, =

(6.1-59)

As expected, the two approaches to finding A, give identical results. Using the
small signal model, we can find the input and output resistances as

Fin = o (6.1-60)
and
1
Foww = — (6.1-61)
8ds1 T &ds2

The push-pull inverter of Fig. 6.1-15a also has the property that the ac gain is
inversely proportional to the square root of the dc bias current.

The frequency response of the circuit of Fig. 6.1-15a can be found by
inserting the transistor capacitors of Example 3.1-5 into the circuit of Fig. 6.1-
15a and comparing it with Fig. 6.1-8. C;, C,, and C; of Fig. 6.1-8 become

C1 =Cgs1 + Cg1 + Cgsz2 + Copa (6.1-62)

¢ =Cpp1 + Cap2 (6.1-63)
and

G3 =Cop1 + Cop2 (6.1-64)
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PSPICE FILE FOR FIG. 6.1-16
. WIDTH

VIN 1 0 DC

VDD 3 0 DC 5.0

VSS 4 0 DC -50 .
M1 2144 NMOS1 W=5U L=10U
M22133PMOSI W=15U L=10U |

. MODEL NMOS1 NMOS VTO = 0.75 KP=24U _|
* GAMMA = 0.8 LAMBDA = 0.01 PHi = 0.6

. MODEL PMOS1 PMOS VTO =—0.75 KP = 8U

* GAMMA = 0.4 LAMBDA =0.02 PHI= 06 |
.DCVIN-5.0 5.0 0.1 |
_PRINT V (2) 1D (M1) : I
.PROBE . .

.END
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|
I
I
|
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|
I
|
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I
|
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I
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|

|

|

2
off

—4.0 -2.0 0.0 2.0 4.0
VINv volts

FIGURE 6.1-16
VTC of the push-pull CMOS inverter.

Therefore, the upper —3 dB frequency for the voltage-driven inverter of Fig.
6.1-154 is found from Eq. 6.1-22 as

~ 8as1 T 8as2
Gsp1 + Cep2 + Cop1 + Com

W_34B (6 1-65)

The noise of the push-pull inverter of Fig. 6.1-15a is modeled in Fig.

6.1-15b, where an input-noise-voltage spectral density source has been used to
model the noise of each device. The noise spectral density at the output is

So = g21(rou)®Svn1 + 82(Four)*Synz (6.1-66)

where roy is given by Eq. 6.1-61. Dividing Eq. 6.1-66 by the square of the gain
given in Eqgs. 6.1-58 or 6.1-59 gives

2 2

Em2 | g (6.1-67)

S. = {_gL _ 8m2
€q.
d 8ml T &m2

gmi T &m2

Svn1 + {

If the transconductances are balanced (g, = gm2), then the noise contribution
of each device is 50% of the total if Syn; = Syne. The total noise contribution can

120pA
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be reduced only by reducing the noise contributed by each device. An example
follows to illustrate these relationships for the CMOS push-pull inverter of Fig.
6.1-15a.

Example 6.1-3. AC performance of the inverter of Fig. 6.1-15. Determine the
small signal performance of the inverter of Fig. 6.1-15 using the model parameters
of Table 3.1-2 assuming that W,/L, = 5 /10 u, Wo/Ly = 15 w/10 g, and Vpp =
—Vss = 5 V. The drain and source area (periphery) of M1 and M2 are 150 u2
(50 w) and 50 u2 (30 w), respectively. Assume that V, is biased at 0 V. Also
assume that the noise in each transistor is white noise given in Eq. 3.1-34 and find
the equivalent input-noise-voltage spectral density.

Solution. The dc current in M1 and M2 can be written as

K\W

I, = ZNLII(VIN — Vs — VT1)2[1 + AN(Vou = Vss)]
KW

I, = P Z(VDD = Vin— | V2 D21 + Ap(Vpp — Vouw)]

2L,

Setting I | =1, and solving simultaneously (by iteration), we obtain Vy=0.05 V and
I, =1,=116.4uA. The value of Viy when Vour = 0 is called the systematic offset
voltage. This offset voltage should be distinguished from that due to mismatches in
device model parameters.

Next we calculate the small signal parameters for M1 and M2. Using the
formulas of Table 3.1-3 gives gm; = 52.88 uS, gas; = 1.17 uS, gy = 52.88 uS,
and g4 = 2.33 uS.

Equation 6.1-11 gives

4 (5288 + 52.88)
YT 117+ 233

= —-30.3

Equation 6.1-13 gives

1

R —Y Y3
Fou = (177 4 233y 2507 KO

The capacitors of Eq. 6.1-65 are found using the formulas of Fig. 3.1-19b and the
capacitances of Table 2B.4. The value of n in Eq. 3.1-14 will be 0.5 for both the
bottom and sidewall junction capacitances. The capacitances of Eq. 6.1-65 are

Cep1 =(0.33)(150)[1 + (5/.6)17% + (0.9)(50)[1 + (5/.6)]*° = 30.93 fF
Cepz2 =(0.38)(50)[1 + (5/.6)]7%° + (1)(30)[1 + (5/.6)]7%3 = 16.04 {F
Cop1 =(0.7)(0.45)(15) = 4.73 fF
Copz =(0.7)(0.6)(5) = 2.10 {F

Substituting the above values in Eq. 6.1-56 gives

B 3.50 uS
@38 = 30.93 fF + 16.04 fF + 2.10 fF + 4.73 {F

= 65.06 Mrps or 10.35 MHz
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Because Sywn = Svwep = Svw, equation 6.1-67 gives
Seq = (0.25 + 0.25)Syw = 1.045 x 107'V¥/Hz

The equivalent input-noise-voltage spectral density is equal to 10.2 nV/VHz

To compare the performance of the inverter of Example 6.1-3 with that of the
previous inverters, it is necessary to have the same currents. Multiplying A, of Ex.
6.1-3 by the square root of 116.4/11.14 gives a voltage gain of —98. With equal
W/L values and dc current, the push-pull inverter will have the largest voltage
gain. The push-pull inverter can both sink and source output current proportional
to the input voltage, which is very useful in output amplifier applications.

The MOS inverters presented in this section represent the more useful realiza-
tions of the voltage inverter. The realizations include inverters with active loads,
current sink/source loads, depletion transistor loads, and push-pull inverters. A
physical layout for the inverters of Fig. 6.1-11b, ¢, and d and Fig. 6.1-15a is shown
in Fig. 6.1-17. The technology for this layout is a p-well CMOS technology having
the capability of depletion n-channel devices. The ac performance of the inverters
discussed in the section is summarized in Table 6.1-1.
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Physical layout of Fig. 6.1-11b, ¢, d and Fig. 6.1-15a.
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6.1.3 BJT Inverting Amplifiers

The general concepts of inverting amplifiers can also be applied to BJT
technology. However, the differences between BJT and MOS transistors reduces
the number of practical BJT inverter realizations to one. This conclusion can be
understood by examining the BIT active loads of Fig. 5.2-3. The voltage drop
across the BIT active load is found to be limited to approximately 0.8 V in the
forward-biased direction. The limitation is due to the exponential characteristic
of the BJT and the fact that large forward-bias voltages will create extremely
large currents. The result is that, unlike MOS active loads with their square law
characteristic, BJT active loads are constrained to voltages less than 0.8 V. If a
BIT active load is used in the generic inverter configuration of Fig. 6.1-3a and b,
the output voltage would be limited to approximately 0.8 V below Vp or above
Vn, respectively. The same reasoning applies to the push-pull inverter architec-
ture of Fig. 6.1-3¢. Therefore, the only practical inverter configurations for BJT
technology are shown in Fig. 6.1-3a and b where the load is implemented by a
current source or current sink, respectively.

Figure 6.1-18 shows the two possible configurations of the BJT inverting
amplifier. The voltage transfer curve of the circuit of Fig. 6.1-18a can be found
using the approach demonstrated in the circuit of Fig. 6.1-4 for the MOS inverting
amplifiers. When Vi is at Vgg, Q1 is off and no current is flowing in the inverter.
Q2 is biased so that if current can flow, it will be determined by the difference
between V¢ and Vg, and the transistor characteristics of Q2. When Vy is about
0.5 V above Vgg, Q1 begins to turn on and current starts to flow in the inverter.
At the same time, the output voltage starts to make the transition from V¢ to
Vee. As Vin approaches 0.6 to 0.7 V above Vgg, Q1 saturates and the output
voltage is at Vgg. In the transition region, it follows from Eq. 3.3-20 that the
current flowing in the inverter is given as

'Vee — V. Vee —
Iy = Iy oxp| Lo~ Vo), Vec = Vour (6.1-68)
Vi Varp
3
‘J ‘J Vee
VBBZ 0_5_ 02 V|N°'1_ 01
Io. 2
j*lﬁo Vour j—q Vour
| ]
Viyo— \%‘ V932°_\(l|2
Vee
(@) 4 (b)
FIGURE 6.1-18

Practical BJT implementations of: (a) Sinking inverter, (b) Sourcing inverter.
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Figure 6.1-19 shows the simulation of the circuit of Fig. 6.1-18a when V¢ =
—Veg =5V, Vgpy = 4.25 V, and the transistors have the parameters of Table
6.1-2. In the simulation both the pnp and npn transistors have an emitter area of
500 p? and V, = 0.0259 V. The current in the inverter is also shown in Fig. 6.1-
19. Using the model parameters of Table 6.1-2 and assuming that Vo is —5 V
gives I,; = 1.67 mA, which is close to the 1.61 mA indicated in Fig. 6.1-19.

It should be noted that the transition region is very narrow and the slope is
large, indicating a large small signal gain. The small signal voltage gain in the
transition region can be found by equating the current in Q1 to the current in Q2,
resulting in

Vin — V, ' V -V,
I exp IN = EE (1 n OU;AFN EE
Vec =V Vec = V ,
Iy exp Zcc 'BB2) [y, rec— Your (6.1-69)
Vi Varp

Differentiating Eq. 6.1-69 with respect to Vy and using Eq. 6.1-3 gives the small
signal voltage gain as

aV —(1/V
A, = ourt| _ (1/vy) 6.1-70)
oVinlg (UVarn) + (1Vapp)
6.0V T T T T T 3mA
’ “Voltage : P ' :
aovk . . . . . .‘._.t::a.l:‘;.f:r. Co ‘ ... . . .. .. domA
20V - N PSPICE FILEFORFIG.6.1-19 - - - - - - - - -11mA
VIN 1 0 DC : :
Y, VCC 3 0 DC5.0
out’ VEE 4 0 DC -5.0
Volts 0.0V - VBB5 0 DC 4.25

Q1 214 NPN1 oo - - - - - 1 0mA
Q2253 PNP1 ) :
. MODEL NPN1 NPN IS = 0.37FA BF = 100
+BR =0.43 VAF =200 VAR =20

20V ' ' . MODEL PNP1 PNP IS = 0.37FA BF =50
e o o " " 4BR=1 VAF=50 VAR=10 '
.DCVIN-45 -35 0.01
.PRINT VDC (2} IC(Q1)
. PROBE
.END

—4.0V

1
(f. .

6.0V I ] L I ]
—4.6V -4.4v -42V -4.0vV -3.8V -3.6V -3.4V
Vin, Volts

FIGURE 6.1-19
Voltage transfer curve of Fig. 6.1-18a.
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TABLE 6.1-2

Typical BJT model parameters

Parameter NPN PNP Units

Js 6 x 10716 6 x 10716 A/mil?
9.3 x 10719 9.3 x 10719 Alp?

I'; (Emitter area = 0.37 0.37 fA

500 p?)

Br 100 50 A/A

Br 0.43 1 A/A

Var 200 50 Volts

Var 20 10 Volts

T5 0.4 20 ns

G 0.5 0.5 pF

G 0.5 0.5 pf

¢ 0.55 0.55 Volts

V, = 0.0259 V at room temperature (300°K )

Equation 6.1-70 shows that the voltage gain of the BJT inverter in Fig. 6.1-18
is large and is independent of bias current. Using the parameters of Table 6.1-2
gives a small signal voltage gain of —1544. The large gain is typical of BJT
inverters using current sink/source loads.

The small signal model of the circuit of Fig. 6.1-18 is shown in Fig. 6.1-20.
The small signal model parameters shown are related to the large signal model
parameters in Table 3.2-4. The ac voltage gain can easily be shown to be

A = Yow _ _ —8m _ —Ic1/Vy) _ —(1/Vy)
" vin 8ot 82 Uc/Vam) + (Uca/Vare)  (1/Vapn) + (1/Vzpp)
(6.1-71)

which is identical to Eq. 6.1-70 and where I¢; = Ico = I¢q. The principle that
the gain can be calculated from the large signal or small signal model is again
verified. In the case of the BIT inverter, the small signal input resistance is not
infinity and is found as

Fin = Pl (6.1-72)
O
+ +
V., "m Im1 Yin ro1§ ’02§ Vit
T o N
FIGURE 6.1-20

Small signal, midband model for Fig. 6.1-18 a or b.
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The output resistance of Fig. 6.1-18 is

1 1
8o1 + 82 IoQU(1/VarN) + (1/Vzpp)]

The frequency response of the voltage-driven BJT inverter can be found by
inserting the parasitic capacitances of the BJT inverter in the small signal model
of Fig. 6.1-8. Assume that Q1 is a vertical NPN and that Q2 is a lateral PNP. Fig.
3.3-11, Fig. 3.3-12, and Table 3.3-5 result in Fig. 6.1-21 where Cgg + Cpc = C5,
and Ccg = C,. Therefore, the capacitances of Fig. 6.1-8 become

(6.1-73)

Fout =

€= GCgg = Cpy (6.1-74)

G, = Cepz + Ces1 = Cuo + Cesi (6.1-75)
and

G = Cep1 = Cu (6.1-76)

The upper —3 dB frequency is given by Eq. 6.1-22 as

8o1 T 82
W34 = 6.1-77
M7 Cup + Cur + Cosi ( )
The upper —3 dB frequency for a current-driven inverter is given by Eq. 6.1-29
as

- 8m1(8o1 + 802)
gmlcyl

In many cases, the output of the inverter sees a load capacitance which must be
incorporated into C; of Eq. 6.1-75.

The noise performance of the BJT inverter can be found in a similar manner
as for the MOS inverters. Figure 6.1-22 shows a model suitable for calculating
the noise. The noise sources will be assumed to be noise-voltage spectral density
sources. The form of these sources is determined by the type of noise the designer
is interested in analyzing. The noise spectral density of the output of Fig. 6.1-18
is found by superimposing the influence of Syn; and Syn» to get

W.3dB (6 1-78)

S
Sour = SvniA2 + SVNlAg(ﬂ (6.1-79)

SvNi

1

o
|
|

o

+ J_ +
» h— ——

v, r C gm Vin <‘> r01 r02 2 Cu2 - Ccs1 tans Vout

in nl nl T
<
o o

FIGURE 6.1-21
Small signal, high-frequency model for Fig. 6.1-18 a or b.
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Voo
Vn2
——oVour

FIGURE 6.1-22
Model for noise calculations of Fig. 6.1-18a.

The equivalent noise-voltage spectral density at the input of the BJT can be found
by dividing Eq. 6.1-79 by A2. The result is

2
Svnz

SvNi

Em2

8mi1

Seq = Svmi|1 + (6.1-80)

It is seen that the BJT inverter noise performance is the same form as that of the
MOS inverter given by Eq. 6.1-43. When the form of the noise-voltage spectral
density of the BJT is known, then Eq. 6.1-80 can be used to predict the noise
performance. The current noise spectral densities of the BJT are given as

Sic = 2gI¢ (V */Hz) (6.1-81)
and
Kgl ¥

Sw = |29l + (V %/Hz) (6.1-82)

where I ¢ and I g are dc currents of the transistor, K is the 1/f noise constant, and
AF is an exponent. Eq. 6.1-81 is the shot noise at the collector and Eq. 6.1-82
consists of both shot and 1/f noise at the base. These noise spectral densities are
assumed to be uncorrelated.

The BJT inverters of Fig. 6.1-18 are identical in their small signal
performance. An example follows to illustrate the small signal performance of
the BJT inverter of Fig. 6.1-18.

Example 6.1-4. AC performance of the BJT inverter of Fig. 6.1-18a. Find
the small signal performance of the BJT inverter of Fig. 6.1-18a using the model
parameters of Table 6.1-2. Assume Vgps =4.25 V, V=259 mV, Vec = —Vgp =
5V, and that the inverter is biased so that V, is at 0 V. Assume that the emitter
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areas of both transistors are 500 p? and the collector-substrate area of Q1 is 50 u X
100 . If the shot noise spectral density of Eq. 6.1-81 is dominant find the equivalent
input-noise-voltage spectral density.

Solution. We begin by finding the dc current in Q1 and Q2. The dc current can be
found from Eq. 6.1-68;

0.75 }
*P 10.0259

Next we calculate the small signal parameters for Q1 and Q2. Using the
formulas of Table 3.3-4 gives

5
+_
! 50

I = (0.37fA) =153 mA

_Ic _ 1.53mA _
8ml = V. o 00259 0.059 S
_ ICl _ 1.53 mA _
8o1 = —VAFN = "0 7.67 uS
and
_ lcz _ 1.53 mA _
82 = Ve 50 30.7 uS
Equations 6.1-70 and 6.1-71 give
—0.059 x 108
'S Ter+a07 o ¥
Equation 6.1-72 gives
BF 100
mn=rm;=—=———=1.695Q
T ST e 0.0598
Equation 6.1-73 gives
106
Fout = 767 + 3_0'7 = 26.06 k)

Next we must calculate the value of capacitances that determine the frequency
behavior. Assuming Vi is approximately 0.7 V gives Vg, = 4.3 V. From Eq. 3.1-
19 with n = 0.5, we find that Ccg; = 0.168 pF. Similarly, for Q2 we have Vg, =
4.25 V, giving Ccpy; = 0.169 pF. It is customary to estimate Cgg; of Table 3.3-5 as
2Cie0, or 1 pF. With 7; from Table 6.1-2 equal to 0.4 ns, Eq. 3.3-32 gives Cap; as
23.6 pF. Table 2C.4 gives the zero-bias collector-substrate capacitance of 0.79 pF.
Since the collector-substrate has a back bias of 5V, Ccs; = 0.335 pF. Thus,

Cu1 = Ccp1 = 0.168 pF
Cr1 = Cgg; + Cap; = 24.6 pF
Ccsi = 0.335 pF
and
Cuo = Ccpz2 = 0.169 pF
Equation 6.1-77 for the voltage driven inverter gives

o = 7.67 uS + 30.7 uS
2% ™ 0.168 pF + 0.169 pF + 0.335 pF

= 57.1 Mrps or 9.09 MHz
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Equation 6.1-78 for the current driven inverter gives

o 8m(Bo +ge) _ 590 uS(7.67 + 30.7) uS
B gmiCut 0.059(0.168 pF)

= 2.28 Mrps = 363 kHz

From Eq. 6.1-81, the collector shot-noise spectral density is
Sic = 4.9 X 1072 A*Hz

Dividing by g2 gives the equivalent noise voltage spectral density at the base for
both transistors as

Svg = 4.9 X 107%2/0.059 = 1.405 X 107" V¥/Hz

Eq. 6.1-80 gives the equivalent input noise voltage spectral density as
0.53 nV/VHz.

The small signal analysis and design of inverting amplifiers has been
addressed in Section 6.1. It was shown that these amplifiers consist of a voltage-
controlled current sink/source and a load. In the case of the CMOS push-pull
inverting amplifier, the load was also a voltage-controlled current source. It was
seen that the voltage transfer curves of inverting amplifiers have three distinct
operating regions. These regions are where the input is low and the output is
high, where the input is high and the output low, and a region between these two
called the transition region. Because the ac gain is proportional to the slope of the
voltage transfer curve, the high gain inverting amplifier should be biased in the
region with the steepest slope, which is the transition region. It was shown that
in the transition region, the transistors are all operating in their normal regions of
operation: the saturation region for the MOSFET and the forward-active region for
the BJT. Therefore, the small signal model for the normal-region operation was
used to predict the performance of the inverters considered in this section. The
performance variables include the small signal voltage gain, the input resistance,
the output resistance, the —3 dB bandwidth, and noise.

The inverter or inverting amplifier is a basic gain block and should be well
understood before the following sections are studied. An example follows on how
the designer approaches the implementation of an amplifier using an inverting
amplifier. This example will show some of the tradeoffs that can be made based
on the considerations presented in this section. It will also show some of the
limitations of the inverter and why we miust consider other types of amplifiers.

Example 6.1-5. Assume that you are to design an inverting amplifier with gain
equal to or greater than —100, using power supplies of 2.5 V, having a power
dissipation less than 1 mW, and using a dc value for both input and output voltages
of 0 V. Select among the inverting amplifiers presented in this section. Assume
that Tables 3.1-2 and 6.1-2 represent the model parameters of the MOS or BIT,
respectively.

Solution. The first consideration is selection of one of the inverter architectures that
have been discussed. From the specifications we note that the dc voltage across the
voltage-controlled current sink/source will be 2.5 V. This is too much voltage to
put across the base-emitter of a BJT, so we are restricted to MOS implementations.
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Although only one of the MOS inverters was shown to have zero input dc voltage
(the inverter of Fig. 6.1-15a), all could be biased with the input and output at 0
V if the W/L ratios were designed correctly. Thus, since the gain is large and we
have no other specifications to suggest otherwise, let us select the CMOS push-pull
inverter of Fig. 6.1-15a because it has the largest gain for similar dc current.

The dc current through the inverter will be selected to meet the power supply
specification. It is seen that for power supplies of +2.5 V, any current less than
200 uA will give a power dissipation less than 1 mW. Let us arbitrarily choose a
dc current of 100 uA. The next step is to find the W,/L; ratio that will give this
current for a gate-source voltage of 2.5 V. Using the large signal equation in the
saturation region, we get

W, _ 214 _ 2(100) —12.59 =S

L, Ki(Vgst — Vi) 2(1 + AnVas)  (24)(1.75)2(1.05) ' 2
Solving for W,/L, using the same approach gives

Wy _ 214 _ 2(100) _742~1_5

Ly Ko(Vip— | Ve D21 + ApVa)  (8)(1.75)%(1.1) ' 2

Putting these values into Eq. 6.1-59 gives a small signal voltage gain of —73.
Unfortunately, we now face the type of problem that a designer will encounter
many times. The design meets two of the three specifications. If we are restricted
to inverting amplifiers, what can be done to meet all of the specifications? One
might be tempted to lower the current since it was shown that the ac gain was
inversely proportional to the square of the dc current. However, this relationship
only holds when everything else, such as W/L values, remains constant. If we
attempt this approach, the requirement that Vgs; = 2.5 V will cause the W/L values
to change, resulting in the same gain as before. If the preceding formulas for
WIL are substituted into Eq. 6.1-59, it will be seen that Vs must be changed to
produce the correct gain. Unfortunately, this implies changing the power supplies,
which is probably beyond the control of the designer. None of the other MOS
configurations will meet all three specifications for the same reason that the push-
pull CMOS inverter fails. One must turn to other architectures or change the
specifications. This example will be reconsidered in the next section.

6.2 IMPROVING THE PERFORMANCE
OF INVERTING AMPLIFIERS (CASCODE
AMPLIFIERS)

A very useful amplifier called the inverting amplifier was introduced in Section
6.1. The inverting amplifier is intended to invert and amplify small signals. The
objective of this section is to take a closer look at the performance of inverting
amplifiers. By doing so, we will see areas where the small signal performance can
be improved or design constraints eliminated. Some of the topics not addressed in
the last section include controlling or designing the frequency response, achieving
higher gain, and decoupling the ac and dc design constraints. These topics
seriously limit the performance of the inverters of the previous section. For
example, if the inverter is current-driven, the bandwidth is severely reduced from
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the bandwidth of the voltage-driven inverter. In many of the MOS inverters, an
ac gain larger than —100 would be difficult to achieve. Example 6.1-5 illustrated
the problems that develop between ac and dc specifications. In that example, we
saw that it was impossible to satisfy all the design requirements simultaneously.

Let us first examine how the designer can control the frequency response of
an inverting amplifier. Assume that the source can be represented by a Thevenin
or Norton form having a source resistance of R;. If the voltage amplifier of
Fig. 6.1-8 is voltage-driven, then R; = 0 and the —3 dB bandwidth is given from
Eq. 6.1-22 as '

w3(Rs = 0) = —cziz G (6.2-1)

where R; is the resistance of the input source. If Ry is large, then the amplifier is
current-driven. If this amplifier is current-driven, we have shown in Egs. 6.1-27

and 6.1-28 that the poles are widely spaced and the —3 dB bandwidth is from
Eq. 6.1-29 '

w3an(Rs # 0) ~ £182 (6.2-2)
gmC3

Since g, is typically much greater than g, the bandwidth of the current-driven
inverter is less than the voltage-driven inverter. A useful heuristic viewpoint of
the current-driven inverter is shown in Fig. 6.2-1 for the inverting amplifier of the
circuit of Fig. 6.1-11b. In many circuits, the poles can be closely approximated
by the reciprocal product of the resistance and capacitance to ground at a node.
In this circuit there are two poles. p; is associated with the input and p, with
the output of the inverter. Typically, R, is the output of another inverter and is
approximately equal to the 7, of a MOSFET. The resistances associated with each
pole are approximately the same in most cases. However, because of the Miller
effect, the Cypq; capacitance is reflected in parallel with the gate and source of
M1, causing p; normally to be much less than p,. The objective of the following
discussion is to show how to obtain current-driven inverters that have bandwidths
approximately equal to those of voltage-driven inverters.

—T Voo

fa—

VBpo—-I M2 p, (high resistance point)

p, (high resistance point) F—o V,

M1
.
In Ry

I L FIGURE 6.2-1
- - Py << P2 Current-driven CMOS inverter.
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6.2.1 Current-Driven CMOS Cascode Amplifier

Consider Fig. 6.2-2, where the voltage-controlled current sink of Fig. 6.1-3a has
been implemented by the architecture of Fig 5.3-8b rather than the architecture
of Fig. 5.3-5a. As in Sec. 6.1, the input is at the gate of M1. The gates of
M2 and M3 are biased by the dc voltages Vgp and Ven, respectively. M3 is
called the cascode transistor and has a very important influence on the frequency
performance. Figure 6.2-3a shows the small signal model for Fig. 6.2-2. Note
that since the source of M3 is not on Vgg, bulk effects must be included. The
small signal model can be redrawn as illustrated in Fig. 6.2-3b. An important
observation is the influence of M3 on the resistance seen by the drain of M1.

This resistance has been reduced from a level of 1/g, in the circuit of Fig. 6.1-
115 to a level of less than 1/gn3 (gm3 refers to the sum of g3 and gnp3). The
midband, small signal voltage gain from V; to V, is approx1mately —8m1/&ums-

Considerable mathematical manipulations can be avoided in finding the poles of
the circuit of Fig. 6.2-2 if we assume that rag is approximately infinity. This
results in the approximate circuit shown in Fig. 6.2-3¢, where the notation of
Fig. 6.1-8 has been used for the left-hand part of the circuit. In this case, we can
use Egs. 6.1-27 and 6.1-28 to find the poles of the left-hand part of the circuit.

Using the equivalent expressions given in Fig. 6.2-3c gives the poles of Fig.

6.2-2 as

GG, G+G  gmG| _

pi(cascode) = —
82 81 8182
—&1
— (6.2-3)
C1 + G[1 + (gm1/8m3)]
pa(cascode) ~ —8m3[C1 + G + C3(gm1/8m3)] 6.2-4)

GG + GG + GG

T Voo

]

M2 P, (high resistance point)

Vout

o——I

p4 (high resistance point
with reducedc)

I Ny

R, FIGURE 6.2-2
L v Current-driven cascode inverting
- 8s amplifier (Vps, = 0).

L

le— P, (low resistance point)

Y=L
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FIGURE 6.2-3
(a) Small signal model of Fig. 6.2-2, (b) Equivalent model of (a), (¢) Model if ry; is assumed
infinite.

The output pole associated with Cy is

p3(cascode) = -1 (6.2-5)

Cs
Comparing Egs. 6.2-3 and 6.2-4 with Eqs. 6.1-27 and 6.1-28 shows that the
influence of the cascode transistor (M3) is to bring the input pole back to
the value it would have if C; were zero (—g,/C; as seen from Fig. 6.2-3¢).
The higher inverter pole corresponding to Eq. 6.1-28 and now given by Eq.
6.2-4, has not been influenced very much by the cascode transistor. Looking at
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these results and assuming that all capacitors have approximately the same value
within a factor of 5, that g.,; = gn3, and that R; is less than or equal to r,, we
see that

| pi(cascode) |=~| p3(cascode) |<| p2(cascode) | (6.2-6)

6.2.2 Voltage-Driven CMOS Cascode Amplifier

The low-frequency voltage gain of the voltage-driven cascode amplifier can be
found from the equivalent circuit of Fig. 6.2-3, by replacing I, with a voltage
source and noting that Vi, =~ V;. The nodal equations at nodes A and B,
disregarding the capacitors, can be found as

(gas1 + 8ds3 + €m3 + gmbs3) Vo — 8ds3Vour = —gm1V1 (6.2-7)
—(84s3 + &m3 + &mbs3) V2 + (8as2 + £ds3) Vour = 0 (6.2-8)

Solving for Vo, /V, gives

Vou _ Vou _ gmi1(8m3 + gmbs3 t gus3) ~ _&ml
Vi Vin  8as18ds2 T 8as18as3 t 84528453 + £52(8m3 + &mbs3) 8ds2
(6.2-9)

This gain should be compared with that of Eq. 6.1-50 for the current-source-load
sinking inverter of Fig. 6.1-11b. Because of the cascode influence of M3 on the
output resistance of M1, g4 (r4;) is no longer important. Thus, under similar
conditions, the cascode CMOS inverter should have an ac gain approximately
twice that of the simple CMOS inverter of Fig. 6.1-115.

Generally, with the addition of active devices, the equivalent input noise
increases. It is of interest to determine the influence of M3 on the noise per-
formance of the cascode CMOS inverter. Figure 6.2-4a shows a model appro-
priate for calculating the noise of the voltage-driven cascode CMOS inverter.
Superposition is used to find the contribution of each noise source to the output.
The contribution of V3 requires particular attention. Figure 6.2-4b gives the
small signal model that can be used to find the contribution of V3. Writing
nodal equations gives

(8as1 + &ds3 T &m3 t 8mb3) Vs — 843Vour = gm3V s (6.2-10a)

—(8as3 + &m3 T 8mb3) Va + (8as2 + 8453) Vour = — Vs (6.2-10b)

Solving for Vou/ V3 gives

Vout —8ds18m3

Vis  8as18as2 + 8as18as3 + 8as28ass + 8as(8ms + mps)

—845s18m3 (6.2-11)
8as2(&m3 + &mb3)
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G3 _ S3 D3
_ — Vour + Vosa - ‘@' +
y L M3 Im3Vgs3
o : : I DI VSS Vns faat _@ fas2 Voul

7, Y-

—L—Vss
@) (b)

FIGURE 6.2-4
(@) Model for calculating the noise performance of the cascode CMOS inverter, (b)) Model for
calculating the noise of M3.

We note that under most normal circumstances, the gain of Eq. 6.2-11 will be
less than unity. The reason for this is the large resistance (r45;) from the source
to ground of M3. The total output-noise-voltage spectral density can be found as

2

Sout = (g Svni + |5 Svne + Svws (6.2-12)

8ds2

ds2

The equivalent input-noise-voltage spectral density is found by dividing Eq.
6.2-12 by the square of the small signal, frequency independent voltage gain

(8m1/8ds2)? to get

SVNZ (6.2-13)

Seq. = Svn1 + SVN3 =~ Svn1 t+ £z

ml

, 2
Bl | §ung + | B2

8 ml 8ml
It is of interest to note that for all practical purposes, the addition of the cascode
transistor, M3, does not influence the noise performance.

6.2.3 Improving the Gain of the CMOS
Cascode Amplifier

The second performance limitation that was found particularly in the MOS invert-
ing amplifiers of Fig. 6.1-11 was a small voltage gain. The ac voltage gain of
the inverting amplifier was found to be gn, times the output resistance of the
amplifier. One can increase g, Or oy to increase the gain. If one could increase
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the current in the transconductance transistor but not in the load transistor, then
the gain would increase by the square root of this current increase. Consider the
cascode CMOS inverter illustrated in Fig. 6.2-5a where a dc current source of
value 7, has been connected between Vpp and the drain of M1. Because of the
low resistance at the point where the current source is attached between M1 and
M3, the small signal voltage gain is still given by Eq. 6.2-9. The injection of /,
will increase only g, as shown below.

0.5 0.5

2K Wi Ip;
LiIpyAp;

A, =~ —“8ml _

2K4LW, )"'5( I,
= —_— 1+ — (6.2-14)
8ds2 LilpAp Ipp

The first product in the rightmost part of Eq. 6.2-14 is the normal gain of the
cascode CMOS inverter. The second product in the rightmost part of Eq. 6.2-14
is the amount by which the gain is increased by the injection of the dc current
I,. If the value of 1, is 15 times I, the gain enhancement is 4. Unfortunately,
the square root factor restricts this method to small gain increases.

Fig. 6.2-5b shows a method of reducing the gain of the cascode CMOS
inverter. It may seem strange to reduce the gain, but many times the gain needs
to be reduced. In this case, Eq. 6.2-14 is written as

’ 0.5 ’ 0.5 0.
A ~ g_"i _ ZKNW11D1 =[ 2KNW1 [1 _ _I_O___ > (6 2_15)
" gan LiIpsAp LilpApy Ipy ‘
Voo __ViD
¢102 ‘Ioz
[ / -
Vep °—{ M2 C‘) ° Ve °—| M2
—o Vour —— Vour

Ven o—] -~ Vs Ven o— Vs
* ID1
o S CENO?

Vss Vss

@) (b)

FIGURE 6.2-5
Modification of the ac gain by changing g,: (a) Gain enhancement, (b) Gain reduction.
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We note that I, cannot be larger than Ip,. The dc current control methods
proposed in Fig. 6.2-5 for adjusting the dc gain of the CMOS inverter work
primarily because of the low resistance seen at the source of M3.

The addition of a fourth transistor to achieve the cascode CMOS inverter of
Fig. 6.2-6 is probably the best method of significantly increasing the ac gain of
the CMOS current-source-load inverter. The effect of M4 is to cascode the current
source M2 and to boost its output resistance seen by M1 and M3 by roughly a
factor of gmarqss. This causes the output resistance of the inverter to increase the
gain. An easy way to calculate the ac gain is to take advantage of previous work.
The output resistance of the circuit of Fig. 6.2-6 can be calculated using the result
of Eq. 5.3-10. This resistance is the parallel combination of two cascoded current
sinks/sources and is expressed as

Tout =

1

(8a51843) (€ as1 + 8as3 + &um3 + 8mb3) + (84s28asa) [(8as2 + Gaisa + 8ma + Gmba)
1

(84s184s3/8m3) + (8as28dsa/gma)

Multiplying 7oy by —gm1 gives the ac small signal voltage gain of the circuit of
Fig. 6.2-6 as

(6.2-16)

A, =~ —Emigm38 md (6.2-17)
8ds18ma8ds3 t £ds28 m3& dss
— Voo
e
Vap1 M2
| M4
Vep2 -———— Vop
]

—=° VOUT

fe———— Vs

M1

111

Vin

FIGURE 6.2-6
—— Va5 Fully cascoded current-sinking inverter.
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It can be seen by comparing Eq. 6.1-50 with Eq. 6.2-17 that the ac voltage gain of
the current-source-load inverter has been increased by a factor of approximately
gmro/2 assuming gu3 = gm4 in Eq. 6.2-17. An example will illustrate some of
the preceding concepts:

Example 6.2-1. Improving the performance of a CMOS inverting amplifier.

~ Repeat Example 6.1-2 for the circuit of Fig. 6.2-6 with the following changes.
Let all W/L ratios be 10 u/10 u and let Vgp; = 3V, Vgp, = 1V, and Vpy =
—1 V. Assume that the values of capacitances still hold, although the widths of the
transistors have changed.

Solution. The current can be found from knowing the voltages across M2. Ignore
the drain voltage for the moment. The current is

8
Ip = 5(2 -0.75)% = 6.25 pA

Ignoring the bulk effects on M4 and equating drain currents, it follows that Vgss =
Vgs2. Therefore, the source of M4 or drain of M2 is at 3 V. Using the fact that
V2 = 2 V allows the recalculation of I 4, including the channel modulation as

Io = 6.25 pA[l + (0.02)(2)] = 6.625 uA
Assuming that Ve =~ 2 V gives Vpy:
V1s = 0.75 + 0.4[(2.6) — 0.6]°° = 1.085 V

This value of V4 gives Vg =2.372 V or Vg, = 1.628 V. We could iterate toward
a closer solution, but these results are sufficient. Assuming that the dc value of the
output is at 0 V, both M2 and M4 are in saturation.

The dc value of Viy can be found assuming 74 = 6.625 uA, to get

2(6.625)
24

Therefore, the quiescent value of Vi, is -3.507 V. Ignoring the bulk effect on M3
gives Vg = Vi = 1.493 V so that V4, = V3 = —2.493 V. Using this value to
calculate the threshold voltage of M3 including bulk effects gives

Vo3 = 0.75 + 0.8(3.093 — 0.6)%° = 1.537 V

This value of V3 gives Vg3 = 2.280 V. Subtracting this value from —1 V gives
Var = —3.280 V or V4 = 1.720 V. We see that both M1 and M3 are also in
saturation. As above, we could continue to iterate, but these values are sufficient
for this example.

The small signal parameters are found from Table 3.1-3 as

gmi =8&m3 = [2(24)(6.626)1°° uS = 17.83 uS
8ast =8as3 = 0.0663 uS 7

_0.8(17.83 uS)
mb3 = 51720 + 0.6)05

gm =8mas = [2(8)(6.626)1°° uS = 10.3 uS
8ds2 =8ass = 0.1325 uS

0.5
J =1493V

Ve = 0.75 +

= 4.683 uS
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and

_0.4(10.3 uS)
Bmb4 =2(1.628 + 0.6)05

Putting these values in Eq. 6.2-15 yields an output resistance of 601 MQ.
Multiplying by —gm; gives an ac voltage gain of —10,716. This gain has been
increased over that of Example 6.1-2 for two reasons. The first is the addition of
M3 and M4, and the second is the fact that the current is approximately one-half
that of the previous example.

Assuming that the dominant pole is the one associated with the output, the
—3 dB bandwidth can be found as

1

©3d8 = 601 M Ceps + Cpss + Cops + Cops)
' 1

601 MQ(4.73 + 30.93 + 2.1 + 16.04)pF

= 1.380 uS

= 30.93 rps or 4.92KHz

This extremely low bandwidth is a consequence of the high output resistance. The
noise-voltage spectral density of the inverter in Fig. 6.2-6 can be found as

Seq. = (100 nV/ \/-I:I—z)[l +(10.31/17.83)2]°° = 115.5 nV/+/Hz

The noise performance is seen to be essentially identical to that of the CMOS
inverting amplifier of Example 6.1-2.

One of the purposes of this section is to expand the degrees of design
freedom for the inverting voltage amplifier. Example 6.1-5 of the preceding
section depicted a case where not all of the design specifications could be met.
It is appropriate to reconsider this example to show how the ideas of this section
permit the specifications of Example 6.1-5 to be satisfied. The following example
gives the details.

Example 6.2-2. The objective of this example is to show how to meet all of the
specifications of Example 6.1-5 using the information introduced in this section.
Recall that the design was to achieve a small signal voltage gain greater than —100
using +2.5 V power supplies and a dissipation less than 1 mW. The amplifier is
also to be designed so that the dc value of input and output is 0 V.

Solutions. Tt was seen in Example 6.1-5 that MOS devices had to be used in order to
allow a 2.5 V drop on the input device between the gate (base) and source (emitter).
Unfortunately, the dc voltages defined the W/L ratios, resulting in a voltage gain
of —73.

We will again choose MOS devices for the same reason. If we insert cascode
devices in the design of Example 6.1-5, two problems will result. The first is
that very little output voltage swing is possible if all transistors are to. be kept in
saturation. The second is that the gain will be much larger than —100. A better
compromise is shown in Fig. 6.2-7a. A single n-channel transistor serves as the
voltage-controlled current sink (M1) which is the input device and a cascoded current
source (M2 and M3) is the load. It is importan_t for the reader to understand the
motivation for this choice. If we assume the same dc current level as in Example
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VGG3 7 0 DC 0.0
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FIGURE 6.2-7

(a) Circuit for Example 6.2-2, (b) Simulation results.
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6.1-5, then an inverter such as that of Fig. 6.1-115 would have a gain of —g,/
(gas1 + gas2), which for 100 A of bias current gives

A, = —gmi _ —109.5 uS - —365

8ast T 8as2 1S +2uS

Because we are not using the push-pull configuration, the gain is one-half of —73.
Next, we note that if we can use a cascode (M3) in the load, then the effective
g4s2 in this expression becomes much less than gg4;. Thus, the ac gain will be
approximately —109.5, which exceeds the —100 gain specification. Note that this
would not have worked if the input device (M1) were p-channel and the load devices
(M2 and M3) were n-channel. Because the gate voltage of M2 is under our control
(not required to be 0 V), we can carefully design the dc voltages associated with
M2 and M3 to provide as much signal swing as possible and still keep these devices
in saturation.

Although we are not yet really concerned with signal swing, let us attempt to
bias M2 and M3 to achieve a good result. We begin by picking the voltage across
the source-drain of M2 as 1 V. The gate voltage is selected to keep M2 in saturation
using the following relationship.

Vsp2 > Vsaz — Vel = Vse2 < Vspp + |Vrp| = 1.75 V

If we pick Vggz as 1V, Vg is 1.5 V, which satisfies the constraint. Assuming the
dc current is 100 A gives Wo/L, as

Wy _ 21p _ 2(100) —436~ﬁ

Ly  K¥(Via— | Ve D21 + ApVan)  8(0.75)%(1.02) . 1
The large value of W /L is due to the choices of dc voltages.

With Vi3 = —2.5 V, we calculate | Vi3 | as 1.144 V due to bulk effects.

For M3 to remain in saturation, Vg3 < Vsps + |Vms| or Vpgs < |VT3|. Therefore,
selecting Vggz =0 V gives a maximum positive output voltage of | V3 | or 1.144 V.
This could be increased by increasing Vg3, however with Vggs =0 V no additional
bias supply is required. The negative swing can be found by noting that

Vost > Vgsi — Vin=1.75V

Therefore, the negative swing is limited to 0.75 V. The value of W3/L3 is found
from
W3 2Ip 2(100) 79

Ly K#(Ven— | Vs D21 + ApVpss)  8(1.50 — 0.946)2(1.03) A=

Again, this large value of W/L is due to the small dc voltage drop associated with
M3. If Vggs > 0V, then W3/L; would be even larger, but the positive signal swing
would be increased. Since the output signal swing was not a specification, we will
leave the design as it is. With the given values, the ac resistance of M2 and M3 seen
by M1 is approximately 89 M. The ac gain turns out to be approximately —108,
which meets the specification of Example 6.1-5. Figure 6.2-7b shows the simulation
results of this example. The simulation output file shows that the ac gain is —112.5
and the power dissipation is 0.5 mW. The positive output voltage swing is higher
than anticipated because the gain is not influenced significantly when M3 is in the
triode region. The value of the output is not 0 V when V;; = 0 V because the gain
is too high and the W/L values have not been precisely chosen. It is not worthwhile
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to go back and make this adjustment because the values of the model parameters are
not that well known. The best approach is to get as close as possible (as illustrated)
and assume that external negative feedback will be used to achieve the desired
voltage levels.

6.2.4 The BJT Cascode Amplifier

The principles of increasing the performance of MOS inverting amplifiers covered
in this section can also be applied to BJT inverting amplifiers. In the case of the
BIJT, it is not so important to increase the gain. Therefore, we will focus on
the control of the frequency performance of the BJT inverting amplifier. Figure
6.2-8 shows the use of a cascode BJT (Q3) to reduce the Miller effect of the
capacitance C,; of Q1 when the amplifier is driven by a high-resistance source
(current driver). The circuit of Fig. 6.2-9a shows the small signal model of Fig.
6.2-8. We assume initially that the input to the circuit is a current source /5.
Figure 6.2-9b shows the circuit after rearranging the g3V, transconductance
source. If we assume that ry,; can be ignored, then Fig. 6.2-9c¢ results. This
simplified small signal model allows us to take advantage of the previous results.
The previous development for the MOS version can be used for the BJT. The
equations equivalent to Eqs. 6.2-3 through 6.2-5 for the BJT are

=

G+ G + C+ G + gmCs| "
82 81 8182
—g1 - 8wl
G+ Gl + (gm1/8gm3)]  Cri + Cutll + (gm1/8m3)]

pi(cascode) = —

(6.2-18)

Vee

VBB Q2

——————9° VOUT

VBB3 Q3

&)

k]

— FIGURE 6.2-8
Vee BIT cascoded inverting amplifier.
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FIGURE 6.2-9

(@) Small signal model for Fig. 6.1-8, (b) Equivalent model, (c) Simplified model.

_ —gm3C1 + G + G(gmi/gm3)]
pa(cascode) CiCy + C1Cs + GG

—8m3lCm + C[.Ll + C;Ll(gml[gmB)]

(6.2-19)
C7r1C17'3 + CTI'IC]J.I + C1r3C/.L1
The output pole associated with C, is

ps(cascode) =~ L —-L

6.2-20
Cy C,Lz + Cll-3 ( )
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Normally, C, is greater than C,, so the results simplify to

—8wl

p1(cascode) = (6.2-21)
C‘n’l
and
pa(cascode) ~ —Sm3 (6.3-22)
C‘rr3
From Eqs. 6.2-20 through 6.2-22, we see that
p3(cascode) < p(cascode) < p,(cascode) (6.2-23)

The result is similar to the MOS cascode amplifier. The dominant pole has now
been shifted to the output of the amplifier. Note that the p;, pole of the BJT
cascode amplifier is not as sensitive to the source resistance as was the MOS
cascode amplifier because of the presence of r ;.

The low-frequency gain of the voltage-driven cascode BJT amplifier can
also be found from Fig. 6.2-3 using the proper substitutions for the elements,
which are obtained by comparing Fig. 6.2-3a with Fig. 6.2-9a:

Vou® _ vou _ You _ —gmi(gm3 + 803) _ ~8&m
Vin ) Vin Vi 801802 + 801803 1 802803 1 £028m3 802
(6.2-24)

Comparing this result with Eq. 6.1-71 shows that the influence of the output
conductance of Q1 has been eliminated from the voltage gain. Therefore, by
comparing Eq. 6.1-71 with Eq. 6.2-24 it follows that the small signal voltage
gain of the cascode BJT inverting amplifier should be greater than the gain of a
BIJT current sink inverting amplifier of Fig. 6.1-8 by approximately a factor of
2 if | Varn |=| Varp |. The output resistance is found by the reciprocal sum of
the output conductances of Q3 and Q1. From Egs. 5.3-3 and 5.3-9, the output
resistance of Fig. 6.2-8 is

1
Tout = ro2” ro3ll + (gm3 + 303)(r1r3|| ro)l =rg = V—AIF_P

(6.2-25)

Comparing Fig. 6.2-9¢ with Fig. 6.2-3¢ and assuming that the dominant pole is
equal to ps(cascode), then Eq. 6.2-5 gives the —3 dB bandwidth as

84 802

3dB = L = <, A 6.2-26

w3 = o Coz + Cx ( )

Any capacitance at the output of the BIT cascode inverting amplifier must be

added to C4 in Eq. 6.2-26. The noise performance of the BJT cascode inverting

amplifier is characterized by the previous analysis for the CMOS cascode inverter

amplifier. It can be shown that Eqs. 6.2-12 and 6.2-13 also hold for the BJT

cascode inverting amplifier of Fig. 6.2-8.
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Example 6.2-3. Repeat Example 6.1-4 for the BJT cascode inverting amplifier of
Fig. 6.2-8. Assume that Vgg3 is —2 V.

Solutions. Using the results of Example 6.1-4, the current in all transistors is seen
to be approximately 1.53 mA. Using the values calculated in Example 6.1-4 gives
the small signal voltage gain as

_ —gm _ 00595
o = TTag7 MS= 1928

A,

The gain is not increased much due to the fact that g, is approximately four
times go;. The input resistance is still 1659 ) and the output resistance is
13 MQ||32.57 kQ = 32.49 k. The three poles of the current-driven amplifier
are given from Eq. 6.2-20:

p3(cascode) = 91.06 Mrps or 14.5 MHz
from Eq. 6.2-21:
pi(cascode) =~ 23.98 Mrps = 3.817 MHz
and from Eq. 6.2-22:
pa(cascode) =~ 2398 Mrps = 381 MHz

We see that the inequalities of Eq. 6.2-23 are not satisfied in this case. The
low output resistance and the high value of C, compared with C, has caused
pi(cascode) to determine the bandwidth. If we assume a 10 pF load at the output,
then p;(cascode) becomes 2.977 Mrps or 0.474 MHz and ps(cascode) determines
the bandwidth. If the poles are closely grouped, then an approximation to the —3
dB bandwidth is given as

wsa =~ [p} + p3 + p3l"?

It can be seen that the noise is the same as for Example 6.1-4 if we make the
assumption that the contribution of Q3 is negligible. One of the largest differences
between this example and Example 6.1-4 is that the -3dB bandwidth of the current-
driven cascode is approximately 10 times larger.

One of the reasons for introducing the cascode transistors was to enable
a boosting or reduction in gain by current injection or removal from the circuit
of Fig. 6.2-8. Because of the high gain available from BJT amplifiers, these
techniques are less important and will not be considered. We will complete this
section by considering the tremendous gain that can be achieved from the fully
cascoded current-sinking inverter of Fig. 6.2-10. This inverter has an output
resistance given as

Fout = {ro3ll + (gm3 + £03) (P3| For)IHI{7oal L + (gma + goa) (rmal|re) T}
1

Ica/[Vapn(1l + Ben)] + Tca/[Vare(1 + Brp)]
(6.2-27)

~ ro3(1 + Benl|roa(1 + Brp) =
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—— Vour

VBBS O— Q3

A
L
VIN O—— Q1
FIGURE 6.2-10
Vee Fully cascoded BJT push-pull inverting amplifier.

The small signal voltage gain of the circuit of Fig. 6.2-10 is given as

PR —Ic/V
v T T EmiTon T T I IVarn(l + Bon)] + I/ [Varp(1 + Brp)]
| (6.2-28)
Normally I¢c; = Ic3 = I ¢4 s0 Eq. 6.2-28 can be written as
—1/V,
Ay = —gmiTout = : (6.2-29)

V[Varn(1 + Be)1 + V[Vare(1 + Brp)]

Note that the small signal gain of Eq. 6.2-29 is dependent only on the parameters
of the BYT models and therefore is the maximum achievable gain given the BJT
model parameters. If we assume the values given in Table 6.1-2, the voltage
gain of the circuit of Fig. 6.2-10 is —87,420. The reason the gain is so large
is that S output resistance is equal to 2.264 MQ) if the dc currents are 1 mA.
This high output resistance also causes a low bandwidth. If Cus =Cy =02
pF, the -3 dB bandwidth is 1.104 Mrps or 175 kHz if the output resistance is
2.264 M. Typically, the capacitance at the output is more on the order of 10 pF
(an oscillloscope probe is typically 14 pF). This causes the —3 dB bandwidth to
be 6.81 kHz.

It has been shown how the use of additional devices can improve the
small signal performance of the inverting amplifiers covered in Sec. 6.1. The
bandwidth is extended in the case of the current-driven inverter. In addition,
the gain is increased by two means. The first is the injection of dc current into
the transistor acting as a voltage-controlled current sink (or source), and the
second #s the use of the cascode configuration to increase the ac output resistance.
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The additional devices also give an extra degree of design freedom. The tech-
niques presented in this section will be useful in improving or modifying the
performance of more complex amplifiers containing inverting amplifiers.

6.3 DIFFERENTIAL AMPLIFIERS

The differential amplifier has become a very useful circuit because of its com-
patibility with integrated circuit technology, in addition to its ability to amplify
differential signals. Any two signals can be decomposed into a difference-mode
signal, Vp, and a common-mode signal, V. This is illustrated by the following
relations, where V; and V, are two arbitrary input signals.

1%

Vi = —2D + Ve (6.3-1)
1%

V, = —7" + Ve (6.3-2)

It is easy to see that Vp and V¢ are defined as
Vb=Vi=V, (6.3-3)

and

W+

V N
¢ 2

(6.3-4)
The objective of the differential amplifier is to amplify only the difference between
two input signals, regardless of the level of the common-mode signal.

The differential amplifier is characterized by its differential-mode gain and
its common-mode gain. The ratio of the differential-mode gain to the common-
mode gain is called the common-mode rejection ratio (CMRR). 1deally, the CMRR
should be as large as possible. This normally means that the common-mode
gain should be as small as possible. Another characteristic of the differential
amplifier is the input common-mode signal range, which specifies the range of
common-mode values over which the differential amplifier continues to sense
and amplify the differential-mode signal. Yet another characteristic that affects
the performance of the differential amplifier is offset. When the input differential
voltage or the input differential current is zero the output of the differential
amplifier may not be zero. Input offset voltage, Vg, is the magnitude of a
voltage source connected between the inputs of a differential amplifier that would
make the output equal to zero. Typically, the common-mode input voltage is also
given, since the input offset voltage or current may be dependent on its value.
Vos should be treated as a random variable. The input offset current, I g, is the
difference between two current sources applied to the inputs of the differential
amplifier that is required to make the output equal to zero. Iog should also be
treated as a random variable. Both Vo5 and 7 og are dependent on temperature in
most differential amplifiers.
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6.3.1 CMOS Differential Amplifiers

Figure 6.3-1 shows the circuit of a general MOS differential amplifier. The blocks
labeled active load can consist of any of the circuits previously discussed that
will replace resistances. The key aspect of the differential amplifier is the input
source-coupled pair, M1 and M2.

We will first examine the large signal characteristics of the circuit of Fig.
6.3-1. Assume that M1 and M2 are in saturation. Neglecting channel modulation
and assuming Vq; = Vry, it follows that the pertinent relationship describing the
large signal behavior is given as

a1 V2 [ogo 112
Vib = Vo1 = Vaz = Ves1 — Vas: = | —==| - —E] (6.3-5)
B1 B2
and
Iss =Ip1 + Ipy (6.3-6)

where B = K'(W/L). Assuming that 8; = B, = B, substituting Eq. 6.3-6 into
Eq. 6.3-5 and forming a quadratic allows the solution for /p; and Ip; as

1172

i 2
I _!_§§+I_SS.BVID_% (6.3-7)
Pb™ 2 7 2| I Mg '
and
r 2 1172
I _Iss _Iss|BVD BV 6.38)
M2 2| Is 4| ‘
These relationships are valid only for
2] << 112
|V |= [—SS] (6.3-9)
A
T il
Active Active
load load
Vi Vi
ID1 ‘ D1 D2 * IDz
7 o—:i M1 M2 ho Va2
Vast _ _Ves2
"ss
V M5
o °—||: FIGURE 6.3-1
A general MOS differential amplifier

——Vss configuration. Vgs; = Vgs; = 0.
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and for M1 and M2 in saturation. Figure 6.3-2 shows a plot of the normalized
drain current of M1 versus the normalized differential input voltage. The large
signal voltage transfer characteristics of the differential amplifier can be found
by using the results of Eqs. 6.3-7 and 6.3-8 along with the voltage-current
characteristics of the active-load devices.

It is of interest to find the regions where M1 and M2 are in saturation. These
regions can be found by using the definition in Eq. 6.3-3, rewritten as

Vb = Vo1 — Va2 (6.3-10)
If we assume symmetry and no common mode excitation, then

Vip

Vo = =~ (6.3-11)
and
Ve = ~% (6.3-12)
Therefore, M1 is in saturation if
Vb1 2 Vg = Vin = % - Vin (6.3-13)
and M2 is in saturation if
Vo = —% - VN (6.3-14)
L
Iss

: . /B
-z -1 0 1 iz /;V'D

FIGURE 6.3-2
Large signal transconductance characteristic of the MOS differential amplifier.
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One way to illustrate these constraints is to plot Vp; or Vp, as a function of
Vip. Assume that the loads of the circuit of Fig. 6.3-1 are resistors of value Ry .
Figure 6.3-3 shows a plot of V; and Vp, for an arbitrary value of Ry. Equations
6.3-13 and 6.3-14 are plotted in Fig. 6.3-3 to show the regions where M1 and
M2 are saturated. It is seen that the value of Ry will determine how much of the
transfer characteristic is in the saturated region. For example, if IssR;, = Vpp,
most of the transfer characteristic of M1 and M2 will be in the saturation region.

It is of interest to find an expression for the large signal transconductance of
Fig. 6.3-1. Differentiating Eq. 6.3-7 with respect to Vip and setting the quiescent
value of Vp equal to zero gives the differential transconductance of Fig. 6.3-1 as

_ dipy

g _(Bllss)”z_(K'IssW1)”2_(K'ID1W1
. = - — (2 o1

1/2
6.3-
4 4L, 2L, ) (6319

V(D =0

Comparing this result with the expression for g, of a single transistor (see Table
3.1-3) shows that a difference of 2 exists. The reason for this difference is that
only half of the input voltage is applied to M1 or M2 of Fig. 6.3-1, resulting in
half the output current. Correspondingly, the transconductance of Eq. 6.3-15 is
called the differential-in, single-ended output transconductance. The differential-
out transconductance (gmq), can be found by defining a differential output current
Iop as

Iop = Ip1 — I (6.3-16)

D1 =

Eq. 6.3-14

FIGURE 6.3-3
Voltage transfer characteristics of the differential amplifier.
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gmd can be written as

_ dlop
IV Vip=0

K'Isswl)”2 (2K’ID1W1
gmd —=—| ==

12
L, L ) (6.3-17)

=(Bilss)"? = (
This transconductance is exactly equal to the transconductance of the common-
source transistor if I is half of Iss. The presence of Iss in Eqgs. 6.3-15 and
6.3-16 illustrates once more the important property that the dc performance is
controlled by the dc variables.

The output voltage of the differential amplifier depends on how the active
loads of Fig. 6.3-1 are implemented. Assume for the moment that the active
loads are replaced by the n-channel enhancement active resistor of Fig. 5.2-2a,
resulting in the circuit of Fig. 6.3-4a. The single-ended output voltages Vp; and
Vp, are given as
12

21
Vbi = Vpp — Vo3 — | 2 (6.3-18)
B3
and
of o\ 12
Vp2 = Vpp — V4 — (B_lzz) (6.3-19)

where M3 and M4 are saturated. Equations 6.3-7 and 6.3-8 could be substituted
into Eqs. 6.3-18 and 6.3-19 to achieve expressions for the drain voltages of M1
and M2 as a function of Vip. These expressions, however, are complex and will
be reserved for the problems. Instead, the large signal, differential to single-
ended voltage gain will be evaluated at Vip = 0 V. Differentiating Eq. 6.3-18
with respect to Vip and multiplying by Eq. 6.3-17 gives

Vip=0 Bslss 4 2{Bs3
(6.3'20)

aVDl
dlp;

aIDl
aVID

Avds =

This gain should be half that of the MOS inverter in Fig. 6.1-11c¢ since only half
of the input is applied to M1. Comparing Eq. 6.3-20 with Eq. 6.1-34 shows that
this relationship holds if the bulk effects, which have been neglected here, are
ignored. The differential-in to differential-out voltage gain, A,q4q, is equal to the
voltage difference between the drains of M1 and M2 divided by Vip. This gain
is twice A, 4 and thus equal to that of an inverter with an enhancement active-
load resistor (see Eq. 6.1-33 or 6.1-34).

The ac small signal model of the circuit of Fig. 6.3-4a is shown in Fig.
6.3-5a. It has been assumed under differential mode excitation that half of v;q is
applied to the input of each transistor according to the relationship

‘v.
Vgs1 = T Vg2 = 'é—d (6.3-21)




436 VLS DESIGN TECHNIQUES FOR ANALOG AND DIGITAL CIRCUITS

VD D VDD

Vi
ID1¢ o Vp1 Vo] $ Iog Ip1 ‘ V., GG2 VDzo_‘ $IDZ
Varo—] |:M1 M2:| F—ovee Vo] I:wn M2:| F—ove.
+ + + +
Vasi Vasz Vast Vasz

w [

FIGURE 6.3-4
MOS differential amplifiers: (@) Enhancement active loads, (b) Current source loads, (c) Current
mirror load.
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FIGURE 6.3-5
(a) Small signal model for differential amplifier of Fig. 6.3-4a, (b) Use of symmetry to simplify the
input circuit, (c) Simplification by rerouting the controlled sources gm;via/2, () Final small signal model.
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Figure 6.3-5a is simplified in Fig. 6.3-5b, where symmetry between M1 and M2
has been assumed, which implies gm1 = gm2 and vg = —Vvg = vg. Also the
controlled sources, gm3Vgs3 and gmavgss, have been replaced with their equivalent
resistances of 1/g3 and 1/g 4, respectively. If the current contributions of r g
and r4¢ to the sources of M1 and M2 and the drain of M5 can be ignored, then
the controlled sources, gn1via/2, can be rerouted in the model of Fig. 6.3-5¢ to
show that point A is in fact an ac ground. Therefore, all the model to the left of
the vertical dotted line can be ignored. The final form of the small signal model
is shown in Fig. 6.3-5d. The calculations for v4; and v4, are independent of each
other and are given as '

4, = ~8m _ —8m _ —1 K&(WI/LI)}“
Y Via  2(8m3 t &ast t+ &as3) 28m3 2 [ Kp(W3/L3)
(6.3-22)
and
A, =t gmi _&m _1 K&(Wl/Ll)]”z
Y Via  2(8m4 t 8as2 t+ 8dsa)  28ma . 2L Kp(W4/Ly)
(6.3-23)

Comparing Eq. 6.3-22 or 6.3-23 with Eq. 6.3-20 shows that the small -signal
analysis agrees with the large signal analysis. The differential voltage gain is
given as ' :

A Vod Va1 " Va2 Eml _ Eml _ _8ml (6.3-24)

4T v Vid 28m3  28ma &m3
if M3 and M4 are also matched so that g3 = gma-

The dc differential input resistance, riq, is that resistance seen by the input
voltage source, viq. In this case, rj4 is infinite. The single-ended output resistance
comprises those resistances seen looking back into the output terminals of Fig.
6.3-5d. These resistances are

1 1
r = ~ — (6.3-25)
oul 8m3 t 8ds1 T 8ds3  &m3
and
1 1
Touz = = (6.3-26)

gms t 8ds2 t 8ds4 &ma

The differential output resistance, roq, is equal to the ac resistance seen between
the drains of M1 and M2 and can be written as

1 1 2
Tod = Foutl + Toup = — + — =~ — (6.3-27)
8m3 Em4 8m3

It is assumed in the above calculations that all the transistors of the differential
amplifier are operating in the saturation region. We shall shortly examine the
voltage ranges at the input and output over which this condition holds.
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The voltage gain of the differential amplifier considered in Fig. 6.3-4a can
be increased using current sources as loads. This differential amplifier is shown
in Fig. 6.3-4b. The previous small signal analysis holds if we let g.;3 = gg = 0.
The small signal performance is summarized as

Vd1 —&ml
Avgs1 =Ay1=— = ——— (6.3-28)
@l T v 2(8ds1 + 8as3)
: Va2 - &ml v :
A =Ap=—= """ 6.3-29
vas2 2T ve 2(8as2 + gass) ( )
Avag _Yod _ _ T8m _ _ TEm2 (6.3-30)
Y Via  8dst T 8ds3  8ds2 T &ds4
1 v
Foul =———————— (6.3-31)
: 8dst T 8ds3
1
Fowg =——————— (6.3-32)
8ds2 + 8ds4
and
2
Fog = —— (6.3-33)
8ds1 T &ds3

It is seen that this differential amplifier has a performance that is 1dentlcal
to the current-source-load sinking inverter of Fig. 6.1-11b.

Another configuration of the load for a differential amplifier is shown in Fig.
6.3-4¢. This method uses a current mirror to form the load devices. The advantage
of this configuration is that the differential output signal is converted to a single-
ended output signal with no extra components required. In this circuit, the output
voltage or current is taken from the drains of M2 and M4. The operation of this
circuit is as follows. If a differential voltage, Vip, is applied between the gates
as defined in Eq. 6.3-21, then half is applied to the gate-source of M1 and half
to the gate-source of M2. The result is to increase /p; and decrease I, by equal
increments, AI. The Al increase Ip; is mirrored through M3-M4 as an increase
in Ips of AL As a consequence of the Al increase in I'p4 and the Al decrease
in Ip,y, the output must sink a current of 2A7. Therefore, the transconductance
of the circuit of Fig. 6.3-4¢, I,/ V4, is equal to that of a single transistor. This
differential amplifier is a very useful circuit and will be used further in analog
integrated circuit design.

The small signal analysis of the circuit of Fig. 6.3-4c requires a modification
of the model of Fig. 6.3-5. The model suitable for small signal analysis of the
circuit of Fig. 6.3-4¢ is shown in Fig. 6.3-6. The small signal, differential-in,
differential-out voltage gain (4,44) is

Vout 1 Emi18m4 1
ot _ 4= = + , 6.3-34
Vid vad = 5| 8mt 8dst + &m3 t+ gdss)(gd'sz + gds4) ( )
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FIGURE 6.3-6

Small signal model for Fig. 6.3-4c.

If we assume that M3 and M4 are matched, then g3 = gm4, and since gn3 is
much larger than either g4 or g4s3, Eq. 6.3-34 can be simplified to

Ajgg = —SmL (6.3-35)
8ds2 t &dsa

Substituting for the small signal parameters of Eq. 6.3-35 with the relationships
specified in Table 3.1-3 gives

4o AKTsWYLYVE 2 (K'Wl)m
YT + Ass (A2 + Ag)\ IssL;

Again we note the dependence of the small signal performance on 7 g¢'/? similar
to that of the inverter. Assuming that W,/L; = 1 and that /s = 10 uA, the small
signal, differential-in, differential-out voltage gain of the circuit of Fig. 6.3-4c is
103. The differential-in, single-ended out voltage gain is equal to half the value
of Eq. 6.3-36, although in the case of Fig. 6.3-4c¢ this voltage is not available as
it would be for the differential amplifiers of Fig. 6.3-4a and b. The small signal
output resistance is found from Fig. 6.3-6 as

1 2 1
gisp + 8asa (A + Aglss  Alss

(6.3-36)

(6.3-37)

Tout =

Of course, the small signal, low-frequency input resistance of the MOSFET
differential amplifier is infinity.

Arnother important characteristic of the MOS differential amplifier is the
input common-mode voltage range, defined earlier. For our purposes, we will
assume that the input common-mode range is defined by the input voltage range
over which both M1 and M2 remain in saturation. Let us consider the input
common-mode voltage range of Fig. 6.3-4c. Assume that Vg; = Vi, and that
M1 is on the threshold of saturation when Vpg; = V. We may write Vg, as

Voot = Vop — Vspz = Va1 = Vpbp — Vsazs — Vai (6.3-38)
or
2|2
Vbe1 = Vpp — B, —| Vros|— Vai (6.3-39)
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where Vo3 implies that M3 is unaffected by the bulk potential. If Vpg; is set
equal to — V7, then we can solve for the maximum input voltage, Vg;(max), as

1/2
1
ﬁ) ~| Vros| + Vg (6.3-40)

B3

As Vg approaches Vs, M1 will be in the saturation region and close to cutoff.
Therefore, it makes more sense to relate Vg (min) to Vg when MS is no longer
in saturation. Solving for the drain-gate voltage of M5 gives

Voes = Vo1 — Vast — Ve (6.3-41)

Set Vpgs = —Vros to get

Vgi(max) = Vpp —

2155
B

The large signal swing limitations of the output are also of interest. In
this case, the swing limitations will be based on keeping both M2 and M4 in
saturation. When Vg, is taken above Vg,, the output voltage, Vouyr, increases.
The drain-gate voltage of M4 is given as

1

2 + Vo1 — Vros (6.3-42)

VGl(min) = VGG +

Vpea = Vb — Vsps — Vour = Vb — Vsas — Vour (6.3-43)

M4 is at the edge of saturation when Vpgs = —| VT04|. Using this relationship
and the value for Vgps used in Egs. 6.3-38 and 6.3-39 gives the maximum output
voltage as

Jgs1V2
—) —| Vros| +| Vros|=Vpp -

B3

25|12
Vour(max) = Vpp — —S)

B3
(6.3-44)

The minimum output voltage is found by determining when M2 is at the edge of
saturation. The minimum output voltage for Fig. 6.3-4c is

Vour(min) = Vg — V2 (6.3-45)

Figure 6.3-7a shows a differential amplifier similar to Fig. 6.3-4c. The simu-
lated voltage transfer characteristic corresponding to the W/L values given in the
schematic is shown in Fig. 6.3-7b. The influence of Vg, upon Voyr (min) is
illustrated in this figure. The input and output signal limits of the differential
amplifiers in Fig. 6.3-4a and b can be found in a similar manner.

The small signal common-mode gain of the differential amplifier can be
found by connecting both inputs together and applying a single-ended input
voltage. The small signal model for the differential amplifier of Fig. 6.3-4b is
shown in Fig. 6.3-8a. If we assume that M1 and M2 are matched, then the model
simplifies to that shown in Fig. 6.3-8b. To find the common-mode gain, we wish
to solve for vy, in terms of vc. If the current contribution through rg4s; and rgs
can be neglected, then the voltage across 745 can be written as

Vs = 2gm1TdssVe (6.3-46)



442  vLsI DESIGN TECHNIQUES FOR ANALOG AND DIGITAL CIRCUITS

1 Voo

30 w0 |_——_—| 30 w/10 udD 50 uA

out

Vao—]| 10 wion 10 0110 1| |-V

10 u/wZII——————I 10 w10 p
!

Vss
(@

5.0

40 ==
// \ Vgp= 1V

3.0
Vgp = OV

2.0

1.0
Vgo= -1V

0.0 -

10 Veo = \
2.0 Voo = 1V \\ /

- NV

output voltage

-3.0 > /
-4.0 ’/;
5.0

=5.0 —4.0 -3.0 —2.0 -1.0 0.0 1.0 2.0 3.0 4.0 5.0
input voltage difference

(b)

FIGURE 6.3-7

(@) n-channel input differential amplifier, (b) Simulation of voltage transfer curve for Vg, = -1, 0,
and 1V (Vpp = S5V, Vss = -5V, Ky = 2K: = 28 pA/V, Vr = £0.7V,and Ay = Ap =
0.01 vV hH.
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FIGURE 6.3-8
(a) Small signal model of Fig. 6.3-4b for common mode operation, (b) Simplified version of (a).

Using the relationship that vgs = vg — vs, We may write

1

= ——v, 6.3-47
1+ 28mirdss ( )

vgs
The voltage, vg;, can be found by the superposition of the two sources, vgs.
The problem is considerably simplified if we ignore rgs; and r 45 . Therefore, the
voltage gain, vg,/v., can be expressed as

Va2 ~8milds3

—“ =A== .3-

Ve ¢ 1 + 2gmi7ass (6.:3-48)
The common-mode voltage gain of the circuit of Fig. 6.3-4a can be found in a
similar manner. However, the preceding method does not work for the differential
amplifier of Fig. 6.3-4¢ because there is no point at which the single-ended output
is available. In practice, Fig. 6.3-4¢ will exhibit a nonzero common-mode gain
because of the fact that M1 and M2, and M3 and M4 are not perfectly matched.
The mismatch effect for the differential amplifiers of Fig. 6.3-4a and Fig. 6.3-
4b may dominate the actual common-mode gain.
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The common-mode rejection ratio can be found by using the definition given
earlier in this section. For the differential amplifier of Fig. 6.3-4b, the CMRR is
found to be

|Avasl _ gas3(1 + 2gmirass)

CMRR = =
|Ayc| 8ds2 t &dsa

(6.3-49)

If g42 = 8ds3 = 8asa, then the CMRR of Fig. 6.3-4b becomes approximately
equal to gm;rgss. It is desirable to have the CMRR as large as possible, which
suggests that if r4s or g, can be increased, the differential amplifier will have
a greater ability to reject the common-mode signal in favor of the differential-
mode signal.

6.3.2 BJT Differential Amplifiers

The preceding concepts concerning the differential amplifier can also be applied
to bipolar technology. Figure 6.3-9 shows a general bipolar differential amplifier
configuration similar to that of Fig. 6.3-1 for MOS technology. We will briefly
illustrate some of the large signal and small signal properties of the BJT differen-
tial amplifier. Under the assumption that Q1 and Q2 are operating in the forward
active region and that the Early voltage effects are negligible, it follows from
Egs. 3.3-10 and 3.3-11 that the large signal characteristics can be found from
the following relationships:

] 1 1
Vipo = V1 — VB2 = Vee1 = Vez = Vi lnkl_(szll) -V ln(l_z = Vi ln(l—z;
(6.3-50)
] [ Ve
Active Active
load load

FIGURE 6.3-9
A general configuration for a BJT differential amplifier.
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Igg = — + — (6.3-51)
ap aF
where we have assumed that Q1 and Q2 are matched (Is; =I5 and ap; = ap =
ar), and V, = kT/q. Solving for I ¢, and I, results in the following.
aFIEE

Ier = 1+ exp(-VIDiV,) 6.3-52)

— arl gp
oo = T exp (VW) (6.3:53)

From these two equations, it follows as in the MOS case that I¢; and I, are
independent of the common mode excitation and the characteristics of the active
load. Figure 6.3-10 shows a plot of the normalized collector current of Q1 and
Q2 as a function of Vip/V;. The range of linear operation is seen to be limited
to | Vip |= 2V, or approximately =50 mV at room temperature.

Differentiating Eq. 6.3-52 gives the differential-in, single-ended transcon-
ductance as

_ a]:I EE 1
2Vt 1 + cosh (V]D/Vt)

8m = (6.3-54)

If Vip is set to zero, we obtain

—oagplgg
Vin = 0) = ——== 3-
gm(Vp = 0) 4V, (6.3-55)
The differential-in, differential-out transconductance (gmnq) is found by multiply-
ing the expressions given in Egs. 6.3-54 and 6.3-55 by 2.
The large signal limits for the input and output of the BJT differential am-
plifier are found in a similar manner as for the MOS differential amplifier. The

Ic/ (oF leg)

FIGURE 6.3-10
Large signal transconductance characteristics of the BJT differential amplifier.
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objective again is to keep the BIT devices in the forward active region of opera-
tion, that is, the BE junction forward-biased and the BC junction reverse-biased.

Figure 6.3-11 shows the BJT differential amplifier that is topologically
identical to the MOS differential amplifier of Fig. 6.3-4c. Assume that Vg; = V.
The highest value of Vg, is equal to

Vpi(max) = Ve — Vggs — Vega(sat) + VﬁEz =Vee—02V (6.3-56)
This relationship was developed under the conditions where Q1 is saturated. The
lowest value of Vg, is given by.

Vpi1(min) = Vgg; + Vgs(sat) + Vgg = Vgg + 0.8 V (6.3-57)
The output voltage of the circuit of Fig. 6.3-11 is limited to the range between
Vo(max) = Ve — Vepg(sat) = Ve — 0.2 V (6.3-58)
and
Vo(min) = Vg, — 0.5V (6.3-59)

where Vg, is the dc potential connected to the base of Q2.

Figure 6.3-12a shows a model suitable for small signal differential input
excitation of the circuit of Fig. 6.3-11 neglecting r, and the frequency-dependent
parameters of the model. If Q1 and Q2 are matched, we can assume thatr . =7, =
Tz, 8ml = &m2, and v = —Vpep. Neglecting the contribution of current through
ro1 and rq into their common node allows the simplification of the small signal
model to that shown in Fig. 6.3-12b. Since there is no ac current flowing through
r'os, it may be neglected. Also, we have replaced the current source, gy,3Vpes, by
a resistor of 1/g 3 since w3 is the voltage across this source. The final simplified
small signal model for the BJT differential amplifier shown in Fig. 6.3-11 is given
in Fig. 6.3-12¢. The differential-out, differential-in voltage gain is

Vee
05741504

lea
les ‘ _JOUT

‘ — Vour
'

I ycz

VB1°'—| Q1 Q2 |r—<> Vi
+ +

FIGURE 6.3-11 :
—— Vee Practical version of the BJT differential amplifier.
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FIGURE 6.3-12
Small signal model for the BJT differential amplifier of Fig. 6.3-11: (a) Complete small signal
model, (b) Simplification of (a), (¢) Final small signal model.

Yo 1 gm18md H 1 }
=A + 6.3-60
va Tl T g+ g + gnallgo2 + 8os ( )

If we assume that Q3 and Q4 are matched, then g3 = gma, and since gp3 is
larger than g 3 or g4, Eq. 6.3-60 can be simplified to

&ml _ 1
82+t 804 (VIVam) + (Vi/Varp)

Avgg = (6.3-61)

where Van and Vap are the Early voltages defined for the npn and pnp bipolar
junction transistors. The small signal, differential-in, differential-out voltage gain
of Fig. 6.3-11 is seen to be equal in magnitude to the BJT inverter of Sec. 6.1
(see Eq. 6.1-71). The small signal output resistance of the circuit of Fig. 6.3-11
is found as

M s+ 8os  (Uca/Van) + Uca/Vare)  Tee(Varn + Varp)
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The differential input resistance of the circuit of Fig. 6.3-11 can be expressed as

rid = 2]“”1 = ﬁFVt = gﬂ
Ic Igg

A BJT differential amplifier topologically identical to the MOS differential
amplifier of Fig. 6.3-4b is shown in the circuit of Fig. 6.3-13. A biasing scheme
using Q6, Rgjas, and Q7 is illustrated. It can be shown that the differential-in,
single-ended-out voltage gain is given by

(6.3-63)

Avgs = Yer _ T 8miToi’03 (6.3-64)
Vid Tol t 7o3

The common-mode voltage gain of Fig. 6.3-13 can be found by use of the small

signal model shown in Fig. 6.3-14q. If we assume that Q1 and Q2 are matched and

neglect the contribution of currents through r,; and r,,, we obtain the following

relationships between v and vpe.

Ve

Vbe = 6.3-65
be 1+ 2(gml + gﬂl)rOS ( )

The voltage at the collector of Q1 may be written as
Ve1 = —8mi1’ o3 (6.3-66)

where we have neglected r,; and r;. Combining Egs. 6.3-65 and 6.3-66 gives
the common-mode voltage gain, A,., for Fig. 6.3-13 as follows.

—8mi1’ 03 —8m1”7 03
A, = = (6.3-67)
L+ 2gm1 + 8a)Tos L+ 28miTos

The common-mode gain for the BJT differential amplifier of Fig. 6.3-11 is
theoretically zero because the only output node is differential, similar to Fig.
6.3-4c. Mismatch effects will the common-mode gain to be nonzero.

Q6 3 Q4
Ver Vea
Fans S
BIAS & Vay 0 Q1 Q2 oV,
Vae _ Vaea
FIGURE 6.3-13

~ BJT differential amplifier using

Q7 Qs current-source active loads and
v illustrating one possible bias
EE method.
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FIGURE 6.3-14
(@) Small signal model of Fig. 6.3-13 for common-mode operation, (b) Simplified version of (a).

The low-frequency CMRR for Fig. 6.3-13 can be found from Eqs. 6.3-64
and 6.3-67 and is expressed as

|Avds| - ro1(1 + gmi7os) _ 1 + gmiTos

CMRR = ==
|AvC| 2ror + ro3) 4

(6.3-68)

It is seen that as g, or rs increases, the CMRR will increase. The CMRR can
be increased using a current sink with an output resistance greater than rs.

6.3.3 Frequency Response of Differential
Amplifiers

The next subject of this section will be the frequency response of the differential
amplifier. Figure 6.3-15a shows a frequency-dependent model of the differential-
mode operation of either the MOS or BIJT differential amplifier shown in Fig.
6.3-4b or 6.3-13, respectively. This model is suitable for finding v4;/v;q Or v4/v;4.
For the MOS differential amplifier of Fig. 6.3-4b, R, is given in terms of Fig.
6.3-4b as

Ry = r4s||rass (6.3-69)
and C; is given by
G = ngl + ng3 + Cap1 + Capz + L (6.3-70)
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Vid -4
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Im1 ( g) R1 § C1 ;: 7] Im1 ( g) Rz Cz TN Vo
Imad”1
- °
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FIGURE 6.3-15
Frequency-dependent models for: (a) Differential amplifiers of Fig. 6.3-4b and Fig. 6.3-13, (b)
Differential amplifiers of Fig. 6.3-4c and Fig. 6.3-11.

where C, is the load capacitance attached to the junction of the drains of M1 and
M3. If the output voltage is taken at v4;, then the subscripts 1 and 3 of Egs. 6.3-
69 and 6.3-70 should be replaced by 2 and 4, respectively.

For the BJT differential amplifier of Fig. 6.3-13, the values of R; and
C, are

Ry = rolllres (6.3-71)
and
C = Cy.l + Ces1 + Cess + Cl-'-3 + G (6.3-72)
The same comment regarding subscript interchange holds for the BJT differential
amplifier of Fig. 6.3-13.

The differential-mode frequency response of the circuit of Fig. 6.3-15a can
be written as

Aygs(D)w;  Aygoon

Ayas(s) = st s+ (6.3-73)
where
Ayg0 = —gmiR1 (6.3-74)
and
1
w; = R.C, (6.3-75)

For a MOS differential amplifier with Iss = 100 uA, A =0.01 V ~!, Cg, = 100
fFg, Cy = 0.2 pF, Cyg = 50 pF, and G, = 0.5 pF, we find that R; =1 MQ
and C; = 0.8 pF. The —3 dB frequency of this MOS differential amplifier is 199
kHz. If Igg = 100 pA, Vapny = 100 V, Vapp = 50 V, C, = 1 pF, Ccs = 1 pF,
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and Ci, = 5 pF, then R, and C; are 0.667 M} and 9 pF, respectively. This gives

a —3 dB frequency of 26.5 kHz for the BJT differential amplifier.

The differential-mode frequency response of the MOS differential amplifier
of Fig. 6.3-4c and the BJT differential amplifier of Fig. 6.3-11 can be found from
the small signal model given in Fig. 6.3-15b. For the MOS version, R;, R;, G,

and C, can be written as

1 1
Ry =—|rgsil|rass = —
&m3 Em’

Ry =rgs||7asa

C =Cga1 + Cg3 + Coga + Goa1 + Gz
and

G =Cur + Cgaa + Goaz + Goas + CL
For the BJT differential amplifier, R, R,, C;, and C; are
Ry =L|’ro3llrﬂ3||rﬂ4“ro] - L
gm3 8m3

Ry =rl|ros

Ci =Cu1 + Ccs1 + Crz + Crg + Cesa
and

G =Cp_2 + Cesp + C#A + Cess + CL

The frequency response for Fig. 6.3-15b can be written as

Vo _gm1R2w2[ 8m4R1w1]
A =Y - 1+ =
VdS(S) Vid 2(S + 0)2) s + (]
—gmBowfs + o1 + gmaRD] A, 40l(s/0f) + 1]
2(s + w))(s + @) [(s/oy + D][(s/wy) + 1]
where
Aygso = —0.5gm1R2(1 + gmaRy)
oL
'"RiC
o] =(1 + gn4R)w;
and

S

(6.3-76)

(6.3-77)
(6.3-78)

(6.3-79)

(6.3-80)

(6.3-81)
(6.3-82)

(6.3-83)

(6.3-84)

(6.3-85)
(6.3-86)

(6.3-87)

(6.3-88)
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It is of interest to note that the configuration of Fig. 6.3-15b introduces an extra
pole-zero pair. The zero is in the left-hand plane and is equal to (1 + gmaR})
times the pole. Since R, is approximately equal to the value of 1/gy3, the value
of the zero is approximately twice that of the pole (called a doubler). In most
cases, the effect of w; and w; approximately cancel each other out. Assume that
K& = 2K} =25 pA/VZ, all W/L ratios are unity Cy = 100 fF, and /55 = 100 pA.
The MOS parameters used earlier permit the calculation of R;, R;, Ci, and C; as
19.6 k), 1 M(), 0.35 pF, and 0.8 pF, respectively. This leads to a low-frequency
gain magnitude of 100 and a —3 dB frequency of 199 kHz. If the current gain
of the BJTs is Bg = 100, C, = 5 pF, and Igg = 100 nA, using the previous
parameters permits the calculation of Ry, R», Ci, and C; for the BIT differential
amplifier as 490 €}, 0.67 M(2, 13 pF, and 9 pF, respectively. This gives a low-
frequency gain magnitude of 1340 and a —3 dB frequency of 26.4 kHz.

6.3.4 Noise Performance of Differential
Amplifiers

The last consideration of this section deals with the noise performance of the dif-
ferential amplifier. Because of the similarity in small signal performance between
the differential amplifier and the inverting amplifier, we expect the noise perfor-
mance to be similar. Let us consider the noise analysis of Fig. 6.3-4c and Fig.
6.3-11. The noise models for each of these circuits are shown in Fig. 6.3-16.
The noise of Iss and I gg is neglected because they are common-mode inputs and
have a much smaller influence on the output noise. A dc battery, V,y, has been
connected to the output through which an output-noise-current spectral density
flows. It can be shown for both amplifiers that

5 =2 2 —2 —2
=gV + 820Vt 85V s + 824V (6.3-89)

This result is developed by using superposition techniques. The equivalent input-
noise-voltage spectral density can be found by dividing Eq. 6.3-89 by gfnl to get

2
(Svns + Svwa) (6.3-90)

Seq = Svn1 + Svnz +

ml

where gmi = gm2 and g3 = gma has been assumed. Assuming that Syn; =
Svnz2 and Syns = Svyng gives

Seq = 2SvN1 (6.3-91)

2
L+ (@) Svna
gm1) | SvNi

Although the type of noise has not been identified, in general the noise will be
reduced if g3 = gmi-

The differential amplifier is a very useful building block which will be
used in analog circuits that follow. The differential amplifier is an excellent choice
as an input stage for several reasons. It allows the application of difference sig-
nals and rejects the common mode signals. This means that an unwanted singal
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FIGURE 6.3-16
(a) Noise model for the CMOS differential amplifier of Fig. 6.3-4c. (b) Noise model for the BIT
differential amplifier of Fig. 6.3-11.

present at both inputs will be rejected. The large input common-mode range
allows the ac performance to be independent of the dc input voltage. A third
advantage is that larger output signal swings can be obtained differentially. This
is important as the trend to reduce power supplies makes it difficult to have
sufficient dynamic range. Table 6.3-1 summarizes the performance of the diffe-
rential amplifiers presented in this section.
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TABLE 6.3-1 _
Comparison of small signal voltage gains for the differ-

ential amplifiers of Sec. 6.3

Differential-in, Differential-in,
Differential single-ended-out - differential-out
amplifier Figure voltage gain, A, . voltage gain, A,
MOS active load ~ 6.3-4¢  2mb - Smt
2gm3 gm3
~ 8m 8ml
MOS current 6.3-4b —om — &éml
source load ' 2(8as2 + asa) 8ds2 t 8usa -
MOS current | 6.3-4c —8m _
mirror load 8ds2 t Basa
BIT current 6311  —Sm_ -~
mirror load 802 t 8o4
g mi1 gmi
BJT current 6.3-13 — —om
source load 2(go1 + 803) 8ot T 8a3

6.4 OUTPUT AMPLIFIERS

In many applications, the output load of a circuit can significantly influence the
performance of the circuit. The output load generally consists of a load resistor,
Ry, in parallel with a load capacitor, Cp. If Ry is small or if (q, is large, the
previous amplifiers may not be able to meet the output signal requirements.
The objective of an output amplifier is to provide a large output voltage swing
across the load. The requirements of the output amplifier can be divided into
static requirements and dynamic requirements. The static requirement can be
stated as the ability to maintain a dc voltage somewhere between the power
supply limits across a specified load resistor. This implies that the output stage
should have a low Thevenin output resistance and should be efficient in order to
avoid large power dissipation in the amplifier. The dynamic requirement is the
ability to charge or discharge a large capacitance at a specified voltage rate. This
requirement is often associated with slew rate or the maximum output voltage
rate of an analog circuit. The dynamic requirement does not require a low output
resistance but does demand high currents to achieve the desired slew rate.

There are two distinct approaches to implementing output stages. These
approaches depend on whether or not feedback is used. We will first consider the
approach that does not use feedback. The first nonfeedback output amplifier type
consists of the inverting amplifiers of Sec. 6.1. We will examine the large signal
performance of these amplifiers to determine their suitability as output amplifiers.
Figures 6.1-11a, 6.1-11b, 6.1-11c, and 6.1-18a represent the inverting amplifiers
we will consider. In Sec. 6.1 we analyzed the small signal performance. Since
the output amplifier is likely to have large output voltage swings, let us first
consider the limitations of the output stage.
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6.4.1 Output Amplifiers without Feedback

A conservative approach to characterize the output signal swings of MOS ampli-
fiers is to assume that all devices must be in saturation. This constrains the oper-
ation to the transition region of the voltage transfer function of the amplifier.
Figures 6.1-12 and 6.1-14 show that the resulting output range is not as large as
that which could be achieved if some of the devices are allowed to operate in the
active or ohmic region.

Consider the output swing limits of Fig. 6.1-11a. We assume that Vi
can have values between Vpp and Vss. (This aggressive assumption partially
compensates for the conservative approach of assuming all devices are saturated.)
When Viy = Vss, M1 is off and the maximum output voltage is

Vour(max) = Vpp— | Vrp | (6.4-1)

When Viy = Vpp, M1 is on and in fact is in the ohmic region because Vps; will
be small. The current in M2 which is in the saturation region is
Ip = %(Vscz“ | Ve )2 = %(VDD — Vour— | Ve )? =

B2 (Voo = Voot | Vi P 642

The current in M1 is

|4 %)Sl
Ipi =B1|(Vest — Vin) Vs — >

. (6.4-3)

Vv — Vss)?

=p1|(Vpp — Vss = Vin) (Vour — Vss) — (O_UTZ—SS)_

Equating Eq. 6.4-2 to Eq. 6.4-3 and solving for Voyr gives
i Vop — Vss — V1
Vour(min) = Vpp ~ V1 - . (6.4-4)
1+ (B2/B1)

where it has been assumed that V = Vo= | Vp |. Using the model parameters
and voltages specified in Fig. 6.1-12 the above equations give a Voyr(max) of
4.25 V and a Voyr(min) of —4.52 V. If we used the saturation constraint, the
lower voltage limit would be higher (approximately —2.8 V).

The MOS inverting amplifier of Fig. 6.1-11c has approximately the same
large signal behavior, with one exception. Because the source of M2 is not
connected to the bulk, Vr, will be larger than normal, causing the maximum
value of Voyr to be less, as seen from Eq. 6.4-1.

The MOS inverting amplifier of Fig. 6.1-11b has a higher ac gain than the
previous two amplifiers. It can be seen that when Viy = Vss, M1 is off and Voyr
is at Vpp. Therefore,

Vour(max) = Vpp ' (6.4-5)
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Using the approach outlined by Eqs. 6.4-2 and 6.4-3 we can show that

Vour(min) = (Vpp — Vss — V1n) -
B2

1_‘/1_ B1

if Vix = Vpp. Evaluating these limits under the conditions given in Fig. 6.1-14,
we get Voyr(max) = 5 V and Voyr(min) = —4.97 V, which agree with the
results of Fig. 6.1-14. '

The maximum output swing of the BJT inverting amplifier of Fig. 6.1-18a
can be found in a similar manner. When Vi = Vgg, Q1 is off and Vgyr is at
Vcc. Therefore,

2

Vobp — Vgg2— | V-
oo ~ Vo= | Vrp | +Vss (6.4-6)

Vop — Vss — Vin

Vour(max) = Ve (6.4-7)
When Vi is increased so that Q1 becomes saturated, then Vgyr is equal to
Vour(min) = Vss + Vegi(sat) = Vgs + 0.2V (6.4-8)

It is seen that the BJT inverting amplifiers generally have a larger output swing
than the MOS inverting amplifiers.

The previous considerations emphasized the ability to have large output
voltage swings. However, no load was considered, so the results just given
are appropriate for large resistance loads. Of perhaps more importance is the
signal swing for small values of load resistance. Unfortunately, this is difficult
to analyze. Instead, let us examine the ability to source or sink current when
the output swings are small. Once again we consider the inverting amplifiers.
Figures 6.4-1a and b show MOS and BJT amplifiers using a current-source
load sometimes called a “pull-up”. It will be assumed that current flows in both
output devices during the entire swing of the output voltage. This is called Class
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FIGURE 6.4-1
Class A output amplifiers: (¢) Common-source configuration, (b)) Common-emitter configuration.
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A operation. Let us first consider the static performance (the ability to source
and sink currents at a dc output voltage for which the output devices are both in
saturation or forward active region).

The maximum source current, / Jyp, that can be obtained from the circuit
of Fig. 6.4-1a occurs when M1 is off and M2 is saturated, is given as

KpW )
Iour = 2PT22[VDD —Voaz— | V2 ] (6.4-9)

It is important to note that as long as M2 is saturated this current always flows
in M2 regardless of the value of Viy. The maximum sinking current, I oy, for
Fig. 6.4-1a occurs when M1 is saturated and Viy = Vpp and is given as

KGW,

Ioyr = 'I(VDD ~ Vss = Vo2 =1 dur (6.4-10)

It should be observed that I g;;r must also include 7 i because of the Class A
nature of the biasing. Fortunately, the current-sinking capability of M1 can easily
exceed I gy because the gate-source voltage of M1 can be very large.

If Vour approaches Vgg, then M1 will pass from the saturation to the ohmic
region where Vpg; < Vgs; — V1. If aload resistance R, is connected to the output,
Vpsi is small, and Viy = Vpp, then Eq. 6.4-10 for the ohmic region becomes

KW,
L,

Ip = (Vop — Vss — Vo) (—1 gurRL — Vss) (6.4-11)

Since Ip; is the sum of I & and I oyyp, we can solve for 7 oy as

. —K&(W1/L)(Vpp — Vss — V) Vss — I Syp
out 1 + KL(W1/Ly)(Vpp — Vss — Vr)RL

(6.4-12)

When Voyr approaches Vpp, 1 0+UT will become dependent on Ry and have
a smaller value than that of Eq. 6.4-9. Figure 6.4-2 shows a plot of the output
voltage of the circuit of Fig. 6.1-11b as a function of the input for a 1 k() load
resistor. Note that the W/L values have been increased to provide more current
sinking and sourcing capability. Using the parameter values given in Fig. 6.4-
2, I&yr is 202 pA and I gyp is 2.53 mA. When multiplied by 1 kQ, these
currents give the maximum output voltages. It is seen that the sinking current
is approximately 10 times the sourcing current. The sourcing current could be
increased by decreasing the gate voltage on M2 or increasing W,/L,. In either
case, the bias current that flows would increase, causing the power dissipation in
the inverter to increase. It should be noted that the load resistance of 1 k{} has
caused the inverter voltage gain to be less than unity.

The small signal output resistance of the inverting voltage amplifier is a
measure of how the ac gain will be influenced by the presence of a small load
resistance. For example, consider the MOS inverter of Fig. 6.1-115 with the
parameters given in Fig. 6.4-2, where Ry = 1 k). Using Eq. 6.1-50, we find
that at Vour = 0 V the ac voltage gain should be —36.3, assuming that Ry is
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Simulation of Fig. 6.4-1a.

infinite. The output resistance under these conditions is found from Eq. 6.1-52
as rou = 165 k). When loaded with Ry, the new ac gain is given as
Ry )

A=A ———
Y vRL+rout

(6.4-13)

where A, is the ac voltage gain for Ry = « and A, is the gain for a finite Ry . In
this case, A, is equal to —36.3(1/166) = —0.22. This value compares favorably
with the simulated result of Fig. 6.4-2 at Voyr = 0 V. Consequently, another
desirable characteristic of an output amplifier is to have a small value of rgy; SO
that the small signal voltage gain predicted by Eq. 6.4-13 is not reduced.

The maximum source/sink output currents and the ac output resistance
characterize the static performance of the output amplifier. These two measures
are related by the quiescent bias current (/gjas) of the amplifier. For example,
suppose we want to sustain +4 V across a 10 k() load resistance. This would
require an Ipjas of at least 400 uA (assuming M1 is off). With a 400 nA bias
current, the small signal output resistance is 125 k{) if A is 0.01 V~L. Because
of the large, small signal output resistance, the output of the common-source
configuration is best modelled by a controlled current source in parallel with the
125k} output resistance.

Under dynamic conditions, the output sinking/sourcing current needed to
charge or discharge C;. may be greater than that required to maintain a given dc
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voltage across Ry . It is assumed in the following analysis that the output voltage
is in the range where both output transistors are in saturation. The current required
to charge a capacitor C at a rate of dVoyr/dt is given by

dVour ]

6.4-14
ar ( )

[ Tour | =CL

If the desired rate of rise is 10 V/us and C; is 50 pF, then the bias current must
be at least 500 uA. This consideration is valid for Voyr = 0. As the output
voltage deviates from O V, the current available for charging Cp is reduced by
the current necessary to sustain a nonzero value of Voyr across Ry.

Similar conditions hold for the BJT Class A inverting voltage amplifier of
Fig. 6.4-1b. The maximum sourcing current is determined by Q2 and is given as

Voe — Va2
Vi

I5ur = Isp exp (6.4-15)

There is an important distinction between this relationship and the similar one for
the MOS amplifier in Eq. 6.4-9. That difference is that Vg, must be able to sink
from the base of Q2 a current of I Jyr/Br. Typically, Q2 is part of a current
mirror so that I Jr is defined by the input current to the mirror. The maximum
sinking current can be determined as Vyy is increased. As Vpgg;is increased, the
sinking current becomes very large. A more appropriate measure of the sinking
current would be to examine more closely the circuit that is driving the amplifier
of Fig. 6.4-1b. In general, any driver can be characterized by an equivalent
voltage source, Vg, and series resistance, Rs. The maximum sinking current can
be expressed as

_ Vs(max) — Vgg — V
Ioyr = 3 Rs EE BEL I By — 1 Sur (6.4-16)

where Vg(max) is the maximum positive swing of Vg and Vgg; = 0.7 V.
Assuming Vg(max) =~ —2 V and Rs = 10 k() for the conditions of Fig. 6.1-18a
and Fig. 6.1-19, we get I ;r = 1.39 mA and I gyp = 21.6 mA. For a 1 k() load
resistance, the output voltage swing would be from +1.39 V to —5 V. Figure
6.4-3 shows a simulation of the circuit of Fig. 6.4-1b using the same parameters
as for Fig. 6.1-19, except that a load resistance of 1 k{) has been added. We
note that the current in Q1 increases from 0 to 6.6 mA, which is sufficient to
overcome I 7 and to sink 5 mA through Ry, = 1 k(). We also note that the ac
gain has been greatly reduced. The output sinking/sourcing analysis of Fig. 6.4-1b
is similar to that of Fig. 6.4-1a and will not be repeated here.

The small signal output resistance can be used to predict the reduction of
gain using Eq. 6.4-13. For example, the gain for R, = « and output resistance
for the circuit of Fig. 6.4-1b were calculated in Example 6.1-4 for Voyr = 0 V
as —1544 and 26 k(}, respectively. Using Eq. 6.4-13 we predict the new ac gain
(at Voyr = 0 V) as —57. This compares very well with the slope of Fig. 6.4-3
at Vour = 0.
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Simulation of Fig. 6.4-1b.

One of the disadvantages of the Class A inverting amplifiers of Fig.
6.4-1 is that considerable quiescent power is dissipated. It is well known that the
maximum efficiency of the Class A amplifier is 25% for a sinusoidal signal. This
means that under best conditions, for every milliwatt of ac power applied to R, 3
mW are dissipated in the transistors. For example, consider the two amplifiers of
Fig. 6.4-1 with 1 k() load resistances. With the output signal at 0 V, the amplifier
of Fig. 6.4-1a dissipates 2 mW and that of Fig. 6.4-1b dissipates 13.9 mW. The
maximum symmetrical output voltage signal swing is 0.2 V (peak-to-peak) and
1.39 V (peak-to-peak) for Fig. 6.4-1a and b, respectively. Unfortunately, we have
had to take the smaller of the positive or negative signal swing to avoid distortion.
Assuming a sinusoidal output, the maximum power delivered to R; is 0.04 mW
and 1.93 mW, respectively. Correspondingly, the best sinusoidal efficiencies of
the circuit of Fig. 6.4-1a and b are 2% and 13.9%, respectively. It is clear that
the bias currents should be increased to reach the maximum output voltage signal
swings if one wishes to approach more closely the maximum possible efficiency
of 25%.
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One advantage of the Class A amplifier is low distortion. This is a result
of operating both MOS transistors in the saturation region or operating both BJT
transistors in the normal active region over most of the output voltage swing.

A second method of implementing an output amplifier without feedback is
the common-source or common-emitter, Class B or Class AB amplifiers. The
circuits of Fig. 6.4-4a and b show MOS and BJT implementations, respectively.
Vg is a floating battery used to establish the proper bias of the devices. The
sinking/sourcing output current capability of such amplifiers is very large and
is limited primarily by the power dissipation capability of the devices. If the
transistors are biased so that no drain or collector current flows when Vyy is zero,
the stage is termed Class B. When V| is positive, the lower device is on and the
upper device is off. When V|y is negative, the lower device is off and the upper
device is on. The maximum possible efficiency of the Class B amplifier for a
sinusoidal output signal is 78.5%, where the efficiency is defined as the ratio of
the signal power dissipated in Ry to the power provided from the power supplies
for sinusoidal input.

The primary advantage of the implementations of Fig. 6.4-4 is that the
maximum sourcing/sinking current is not limited by the bias current. This allows
output amplifiers to have I oy limitations similar to the I Jyp levels of the Class
A output amplifiers. Figure 6.4-5 shows the simnlated output swing capability
for the circuit of Fig. 6.4-4a with Vg = 0, W{/L; = 50 w/10 u, W,/L, =
150 w/10 w, and Ry, = 1 k). This circuit has a maximum sink/source current limit
given by Eq. 6.4-12 of 2.53 mA, resulting in a £2.53 V output signal swing.
These calculations agree well with the simulation results of Fig. 6.4-5. The drain

e VDD -1 VCC

Voutr

—— VEe

FIGURE 6.4-4
Class B and AB output amplifiers: (a) MOS common-source configuration, (b)) BJT common-emitter
configuration.

Vour
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Simulation of Fig. 6.4-4a with V3 = 0 V.

currents in M1 and M2 are also plotted in Fig. 6.4-5. Because both M1 and
M2 are conducting in the region around Vpy = 0, this amplifier is called Class
AB. The results of Fig. 6.4-5 can be used to show that if Vg = 4 V, then the
amplifier will be operating in Class B mode. Figure 6.4-6 shows a simulation
corresponding to that of Fig. 6.4-5 for Vg = 4 V. Several things should be noted.
The first is that M1 is off when M2 is on and vice versa. The second is that Vg
has caused the maximum source and sink currents to be reduced from 2.53 mA
to 1.6 mA. Also note that the transfer function is nonlinear about Viy = 0. This
nonlinearity will introduce distortion in the output signal. A good compromise
for this amplifier would be to go back to Class AB operation by choosing Vg =~ 3 V.

As we have seen in previous sections, the battery Vg is necessary for the
push-pull BJT inverting amplifier. The range of values for Vp of the BJT circuit
of Fig. 6.4-4b is

Ve = Vin —0.7< Vg < Ve — Vin (6.4-17)

Similar considerations to those discussed for Fig. 6.4-4a hold for Fig. 6.4-4b.
Class AB and B amplifiers represent a good method of implementing the
output amplifier having the ability to provide *3 V across 1 k() with +5 V
power supplies. Consider now the sizing of M1 and M2 in the circuit of Fig. 6.4-
4a. We can use Eq. 6.4-11 with I'p; = I gy to calculate Wy/L;. Let us assume
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Simulation of Fig. 6.4-4a with Vg = 4 V.

that I 5;;r = 4 mA to anticipate the reduction in 7 gi;r(7 &;p) that will occur when
Vg is non-zero. The results give W,/L; = 180 /10 u. In order to balance the
ability of the amplifier to source and sink current, Wo/L, = (Kn/Kp)(W1/L1), or
Wy/Ly = 540 w/10 . From the results shown in Figs. 6.4-5 and 6.4-6, we will
choose Vg = 3 V. Figure 6.4-7 gives the simulated results. While this design
can provide an output swing of =3 V across 1 k{), it experiences distortion
above *£2.2 V. This distortion is caused by the fact that the transistor sourcing
or sinking the current is entering the ohmic region, and the current increase is
linearly related to the gate voltage rather than to the square of the voltage. This
can be clearly seen by the current results in Fig. 6.4-7. Consider the positive
output voltage swing. The current is being sourced by M2, and at about Vpy = 2
V, which corresponds to Vgoyr = 2.2V, the rate of current increase in M2 falls
off. This circuit is more suitable for =2 V output swings. To achieve a linear
*+3 V output voltage swing, we would have to increase the power supply to =6
V. It should also be noted that the voltage gain turned out to be approximately
—1. Since it is not necessary for the output amplifier to have a large gain, this
is not a problem; however, the voltage gain, —g,1R (= —gmRL), depends on
the value of Ry and may be less than unity.

Although the small signal output resistance of the Class B amplifier is high,
it represents a good solution to the output amplifier, except for the implementation
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Simulation of Fig. 6.4-4a with V3 = 3 V.

of the floating battery, Vy. Figure 6.4-8 shows how the cross-coupling of four
devices can allow the design of Class AB or B operation. The operation (Class AB
or B) is determined by the voltages Vggs and Vggs (Veps and Vgps), which are
used to establish the bias current in the output devices M1 and M2 (Q1 and Q2).
When the input voltage is taken positive, the current in M8 (Q8) increases and the
current in M7 (Q7) decreases. If the operation is Class B, then M7 (Q7) turns off.
As the current in M8 (Q8) increases, it is mirrored as an increasing current in M1
(Q1), which provides the sinking capability for the output current. When Vpy is
decreased, M2 (Q2) can source output current. The output signal swing is limited
to within a V1 value of Vpp or Vss (Vgg of Ve or Vgg).

The frequency response of the inverting amplifiers is generally determined
by the load resistance and the shunt capacitance at the output including the
load capacitance. Since RL(=1/Gy) is typically much less than rqy and G is
typically much larger than the capacitances at the output node of the amplifier,
the bandwidth is given as

8out + GL 1

@38 = Cow + . RLGL

(6.4-18)

which is primarily a function of the loading. If G, = 100 pF and Ry = 1k{},
then the —3 dB bandwidth is 10 Mrps or 1.59 MHz.
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FIGURE 6.4-8

Class B or AB output amplifiers showing implementation of the floating battery for (a) Fig 6.4-4a
and (b) Fig. 6.4-4b.
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6.4.2 Output Amplifiers with Feedback

The second approach to the design of an output amplifier uses the principle of
shunt feedback. Shunt feedback can be shown to reduce the output resistance by
the following relationship
¢y _ _ Tout

Tout = 1 + LG (6.4-19)
where rou is the output resistance without feedback and LG is the loop gain of
the negative feedback loop. The simplest implementation of shunt feedback at the
output is the Class A source follower and emitter follower configurations shown
in Fig. 6.4-9. The follower configuration has both large current gain and low
output resistance. Unfortunately, since the source is the output node, the source
follower of Fig. 6.4-9a is dependent on the body effect, y. The body effect
causes the value of Vy to increase as the output voltage is increased. This creates
a situation where the maximum output voltage of an n-channel source follower
is considerably lower than Vpp — V1o.

The emitter follower is also limited in its ability to obtain large positive
output swing. It turns out that as the output voltage increases, more current is
demanded from Q1. This emitter current is related to the base current by Ig =
(1 + Bp)Ig. As the base voltage approaches V¢, it becomes impossible to
provide sufficient base current to sustain large positive swings. In this case, the
maximum positive swing of the npn emitter follower is limited by the lack of
current-sourcing capability at the peak of the positive swing. In both types of
followers, the maximum negative swing is determined by the bias current sink.
Usually, for appropriate size devices, the maximum negative swing is Vss + Vr
for the MOS follower and Vgg + Vgg for the BJT follower.

One advantage of the follower configuration as an output amplifier is a low
small signal output resistance. This low resistance causes the ac voltage gain (and
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FIGURE 6.4-9
(a) Class A source follower, (b) Class A emitter follower.
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frequency response) to be less dependent on Ry . The small signal model for the
circuit of Fig. 6.4-9a is shown in Fig. 6.4-10. Figure 6.4-11 shows the small
signal model for the emitter follower of Fig. 6.4-9b. Both of these circuits can be
analyzed using Fig. 6.4-12 along with the appropriate values for the resistances
and capacitances. For the source follower, we have

C1 =Gy (6.4-20a)
Ry =0 (6.4-20b)
G =Cg (6.4-20¢)
-1 -1
Ry =[gmi + gmb1 + gas1 + 8as2 + GL| ~ = [gm1 + GL] (6.4-204d)
and
G=C (6.4-20¢)
For the emitter follower, we have
Cl = C,,,l (6.4—21a)
Ry =rm (6.4-21b)
G =Cn (6.4-21¢)
R3 =[gm + go1 + 82 + GL|  =[gm + GL] (6.4-21d)
and
G=C (6.4-21e)
Cgs1
4 o
; LA °
Vgs1 §

Vin Cadt ~T~ Im1¥gs me1Vbs1<1> Tdst § fdszg A § C A~ Vou=Vs
— X
(a)

Cgs1
4
T AN °
L 1 e 4
Vin Gt A~ GmiVin Gmi § gmb1§ Tdst § lds2 R § L~ Vo
- ,
(b}
FIGURE 6.4-10

(a) Small signal model of Fig. 6.4-9a, (b) Simplified equivalent of (a).
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(a) Small signal model of Fig. 6.4-9b, (b) Simplified equivalent of (a).

Assuming that Fig. 6.4-12 is voltage-driven allows us to find the transfer function
as
Vout(s) _ gm + Gy + 5G

= 6.4-22
Via(s) Gy + Gs + s(CL + Cy) ( )
From Eq. 6A-20 and 6.4-21, the midband gain is
Vout gm + Gy 8ml
= Av = = 6.4‘23
Vin 0 G2 + G3 &m1 + GL ( )
The zero of Eq. 6.4-22 is
gm + Go 8mi
= — m~ —2= 4-24
21 G C, (6 )
and the pole is
G, +G +G
pL=— 2 3 __ _8mi L (6.4-25)

G+ G L

Typically, | p; |<| z1 |. If the pole and zero are close together, they will tend to
cancel each other.
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FIGURE 6.4-12
Generic small signal follower model.

The output resistance of the follower not including Ry is found from Fig.
6.4-12 as
’ - -1 1
row = (G2 + G) ™' =(Gz + gm)  ~—— (6.4-26)
Em1
For the MOS follower, this resistance is expressed as

L 172

Tout = 2KWlpt (6.4-27)
and for the BJT follower, the output resistance is
Fout = Y (6.4-28)
Ict

If the bias current in both followers of Fig. 6.4-9 is 100 nA, and if W; = 10L,
and K = 25 nA/V?, then the output resistance of the MOS follower is 4.47 k)
and that of the BJT follower is 250 ().

The performance of the BIT follower is ideally independent of the emitter
areas. Considerations of power dissipation and matching suggest large emitter
areas whereas capacitive loading and high frequency response suggest small
emitter areas.

The Class A shunt feedback follower configuration has the further disadvan-
tage of an asymmetric current sinking and sourcing capability. For the followers
of Fig. 6.4-9, the maximum current sourcing capability is limited primarily by
the driver. For the MOS follower, the gate voltage of M1 must be sufficiently
larger than the output voltage in order for M1 to source the required current.
For the BJT follower, the current sourcing is directly related to the amount
of base current the driver can provide. The sinking capability is equal to the
bias current. As a consequence, the sourcing and sinking capabilities are usually
different. The maximum efficiency of either follower configuration of Fig. 6.4-9
is 25%.
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FIGURE 6.4-13
(a) Class B source follower, (b) Class B emitter follower.

In summary, the Class A follower has very low output resistance, poor
signal swing, and low efficiency. The efficiency of the Class A follower can be
improved by the Class B followers shown in Fig. 6.4-13. This configuration is
also called the Class B push-pull amplifier. The maximum possible efficiency is
78.5%. Also, the maximum sourcing and sinking capabilities are likely to be of
the same magnitude, although this depends on the driver. The signal swings at
both the positive and negative limits will suffer from the increasing V-t for the
MOS Class B follower and from the inability to provide sufficient base currents
for the BJT Class B follower.

Figure 6.4-14 shows how the floating batteries, Vg, can be implemented for
the Class B followers. In this case, the input is applied at the gate of M3 (base
of Q3) instead of to the sources of M4 and M5 (bases of Q4 and QS5) and will
require some form of level shifting. The bias current in M4 and M5 (Q4 and QS5)
determines whether the circuit is Class B or Class AB. It is generally preferable to
bias the output devices in Class AB in order to minimize the crossover distortion
that occurs in the push-pull, follower type amplifier when the output current
switches from one device to the other. Unfortunately, it is never possible to
eliminate this distortion, and it is usually necessary to use external negative
feedback to reduce the nonlinear distortion to an acceptable level. Figure 6.4-14
illustrates some of the problems in obtaining a large output signal swing for the
Class B follower circuit. For example, the maximum output voltage of the circuit
of Fig. 6.4-14a is approximately Vggs — Vros — Vrz- This limit will usually
be several volts below Vpp. The negative swing is a little better since M3 can
take the gate of M1 to Vgss. Thus, the negative signal swing is approximately
Vss + Vr1. Unfortunately, V; will be larger than Vo, because of the body
effect.
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Implementation of: (a) Fig. 6.4-13a, and (b) Fig. 6.4-13b, including the implementation of V.

At this point we have a situation that often occurs in analog circuit design.
The right principles have been identified, but the implementation is still not
practical. None of the preceding output amplifiers have contained all of the
desirable features of (1) large output signal swings, (2) low output resistance,
(3) high efficiency, and (4) low nonlinear distortion. In addition, high frequency
performance is also desirable. A practical solution to our problem is shown in Fig.
6.4-15, where we have taken the best candidate and concentrated on improving
its negative characteristics. The Class B/Class AB common source (emitter)
amplifiers in Fig. 6.4-4 offer good swing characteristics, high efficiency, and
low nonlinear distortion. Their primary disadvantage is a high output impedance.
Combining the shunt feedback principle with the common-source or common-
emitter Class B or Class AB amplifier results in an output stage that meets all
specifications even though it has been complicated by additional circuitry.

The output resistance of Fig. 6.4-4 will be reduced approximately by the
value of loop gain as given in Eq. 6.4-19. The loop gain of the circuit of Fig.
6.4-15 will be that of the inverter plus the error amplifier. We note that the error
amplifier could be implemented by the differential amplifiers of the preceding
section. The error amplifiers are designed to turn on M1 or M2 (Q1 or Q2) in a
manner that minimizes crossover distortion but maximizes efficiency.



472  VLSI DESIGN TECHNIQUES FOR ANALOG AND DIGITAL CIRCUITS

—1— Yoo — Y%

tMZ Q2

B ] A e
Vin o —= -0 Vino — —o
W/ 1 1
‘ RL CL VOUT v HL CL VOUT
) I:N” I— Qi I—
M1
- VSS - VEE
(a) (b)
FIGURE 6.4-15

Use of negative feedback with error amplifiers A1 and A2 to obtain an improved output amplifier:
(a) MOS, (b) BIT.

Figure 6.4-16 shows an interesting implementation of the circuit of Fig.
6.4-15. Since the inverter can have reasonable gain, it is possible to use resistive
feedback to replace the more complex error amplifier. The resistance R, should
be twice R; so that the input signal does not have to be capable of maintaining
the output signal swing. The resistors do not have to be carefully matched and
could be polysilicon, diffusion, n- or p-well, or even transistors in the case of
the MOS version. Assuming that R, = 2R, the loop gain would be

R
LG = % (6.4-29)
——1— Yo — Vee
_I I: M2 _,__[ 02
Vee Ve =
Rj R, four v R, R, Iili
ViN o AMA——AM——= ° N v 4

FIGURE 6.4-16
A possible implementation of Fig. 6.4-15.
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where g, is the transconductance of M1 or M2 (Q1 or Q2). Thus, the output
resistance of the circuit of Fig. 6.4-16 is expressed as

' 7 out _
Fout 1+ (gmRL/3) (6.4-30)

where oy is the resistance of the output amplifier with the loop open.

The frequency response of output amplifiers should be large in order not to
cause stability problems in the circuit driving the output amplifier. In general, the
frequency response of the output amplifier is determined by its input resistance
and capacitance. This implies that the input devices of the output amplifier should
be as small as possible for high frequency response.

The design of an output amplifier capable of serving as a buffer between
an integrated circuit amplifier and a load consisting of a small resistance and/or
large capacitance has been considered in this section. Although not all approaches
have been examined, the material discussed gives the principles and allows the
reader to appreciate the problems involved. The performance of the various output
amplifiers presented in this section is compared in Table 6.4-1. The comparison
is made on a qualitative basis because of the complexity involved in the analysis
of output amplifiers. In many cases, the performance of the output amplifier
determines the performance of the overall circuit and will require much more
attention than has been allocated in this section. All of the circuits presented
have been used in actual integrated circuits and will be used in various circuits
in the next section.

6.5 OPERATIONAL AMPLIFIERS

One of the most important circuits in analog circuit design is the operational ampli-
fier (op amp). Its primary use is to provide sufficient gain to define and imple-
ment analog signal processing functions through the use of negative feedback.
Such analog signal processing functions include amplification, integration, and
summation. In this section we will consider the characteristics and architectures of
general op amps. This will be followed by a “first-cut” design of two-stage BJT
and CMOS op amps. Architectures capable of driving large load capacitance and
small load resistance are presented and discussed. Finally, a brief consideration
of simulation and testing of op amps will be given.

6.5.1 Characterization of Op Amps

An op amp has a differential input capability and is represented by the symbol
shown in Fig. 6.5-1. The differential input voltages are V; and V, and the single-
ended output voltage is V. The op amp ideally has infinite differential input
resistance, Rjq, infinite differential-mode voltage gain, A,, and a zero output
resistance, Roy. Although we have assumed the op amp is a voltage-controlled
voltage-source, it can be implemented by any of the four types of controlied
sources.
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FIGURE 6.5-1
Symbol for the op amp.

In most cases, we can assume that the differential voltage gain, A,,
approaches infinity. If this assumption is valid, then the input terminals of the op
amp realize a null port if the output, Vo, is connected back to the input (often
through resistors or one or more op amp circuits) to achieve negative feedback. A
null port is a two-terminal network whose voltage and current are simultaneously
equal to zero. Thus, in Fig. 6.5-1, a null port is characterized by

| Vi—V,| =0 (6.5-1)
and
|1, | =|I2] =0 (6.5-2)

These two relationships make it very easy to analyze the most common of op
amp circuits when the differential gain is assumed to approach infinity and the
output of an op amp is returned to the minus input to achieve negative feedback.

Unfortunately, the op amp only approaches the ideal op amp just described.
Some of the nonideal op amp characteristics are illustrated in Fig. 6.5-2. This
model will be used to define the various characteristics of the op amp. The finite
differential input impedance is modeled by Riy and Cg4. The output resistance

Vi
CM RR
Vz
V1 O
FIGURE 6.5-2

A model for a nonideal op amp showing some of the nonideal characteristics.
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is modeled by Ry. The common-mode input resistances and capacitances are
given by the resistances R;., and capacitances Ci, connected from each of the
inputs to ground. Vg is the input offset voltage necessary to make the output
voltage zero if both inputs of the op amp are grounded. / o5 (not shown) is defined
as the magnitude of the difference between the two input bias currents, /g; and
Iy necessary to make the output voltage of the op amp zero. The common-
mode rejection ratio (CMRR) is approximately modeled by the voltage-controlled
voltage source indicated as V{/CMRR. The two sources designated as V , and
I , are used to model the op amp noise and are called the noise voltage and noise
current, in units of mean square volts and mean square amperes, respectively.
Although these noise sources are weakly correlated, they are normally assumed
to be uncorrelated.

Not all of the nonideal characteristics of the op amp are illustrated in Fig.
6.5-2. The output voltage of the op amp of Fig. 6.5-1 can be expressed as

Vi(s) + Va(s)

> } (6.5-3)

Vo(s) = Aa(s)[Vi(s) — Va(s)] + AC(S)[

where the first term on the right is the differential portion of V,(s) and the second

term is the common-mode portion of V,(s). The differential frequency response

of the op amp is given as A4(s), and the common-mode frequency response is

given as A.(s). A typical differential frequency response for an op amp is
Aodw1w2w3...

A = T a0 + eos o) (€54

where w;, wy, ws, ... are the poles of the operational amplifier. While the oper-
ational amplifier may have zeros, they will be ignored for the present. A.q (or
simply A,, where the use is understood) is the low-frequency gain of the op
amp. Figure 6.5-3 shows the magnitude of a typical frequency response for the
differential-mode gain, A4(j w) where s = j w. In this case, we see that w; is
much smaller than the rest of the poles, causing @ to be the dominant influence
in the frequency response. The objective of most compensation schemes which
will be considered later is to achieve a single dominant pole so that the frequency
response consists of just the —6 dB/octave slope until the magnitude of A4(j w)
is less than 0 dB. The intersection of IAd( j w)| and the 0 dB axis is designated
as the unity-gain bandwidth (GB) of the op amp. The phase margin is defined
as the phase shift of the op amp at w = GB. A phase margin greater than 45° is
desirable for negative resistive feedback around the op amp.

Other nonideal characteristics of the op amp not defined in Fig. 6.5-2
deserve mention. The power supply rejection ratio (PSRR) is defined as the
ratio of the open loop gain of the op amp to the change in the output voltage
of the op amp caused by the change in the power supply. Thus, the PSRR for
VDD is

Ay _ AVppAy
(AVo/AVpp) AVg

PSRR(Vpp) = (6.5-5)
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Typical frequency response of the magnitude of A4(jw) for an op amp.

An ideal op amp would have an infinite PSRR. The common-mode input voltage
range is the voltage range over which the input common-mode signal can vary.
Typically, this range is several volts less than the higher power supply voltage
and several volts greater than the lower power supply voltage. The op amp
has several other characteristics corresponding to those we have already consid-
ered for output amplifiers. These include the maximum output sourcing or sinking
current, the maximum output signal swing, and the slew rate. Another charac-
teristic of importance is the serrling time defined as the amount of time the op amp
requires in a given negative feedback configuration to respond to an input step and
to settle to within a given percentage of the final value of the output step response.

The steps in designing an op amp depend on the desired values of these
parameters. In this study we shall restrict ourselves to general purpose op amps
that are implemented as part of an integrated circuit. Typical target specifications
are shown in Table 6.5-1 for BJT and CMOS op amps. From these specifications
we may propose several architectures.

The first possible op amp architecture is shown in Fig. 6.5-4a for the BJT op
amp. This architecture is called the two-stage op amp. We observe that it consists
of a differential amplifier similar to that of Fig. 6.3-11 cascaded with an inverter
similar to that of Fig. 6.1-18b. The source of bias voltage for the differential
amplifier current sink is also the source of bias voltage for the inverter’s current-
sink load. Two stages are often necessary because the differential amplifier
generally has a voltage gain less then 60dB. The output resistance of the inverting
amplifier is large and will not be capable of driving a low value of Ry. If the
output resistance must be lower, then an output amplifier must be used, creating
a third stage in the architecture.
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TABLE 6.5-1
Typical specifications for integrated circuit BJT and CMOS

op amps

Op amp specification BJT CMOS Units
Differential gain, A4 80 60 Decibels
Unity gain bandwidth, GB 1 1 Megahertz
Output resistance, 7 oy 1K 100 K Ohms

Input differential resistance, iy 1M 1012 Ohms

Input offset voltage, Vg 5 10 Millivolts
Input offset current, 7 og 100 -0 _ Nanoamperes
Power consumption, Ppp 10 5 Milliwatts
PSRR ' 80 80 Decibels
Phase margin (unity gain) 60 60 Degrees

(CL = 20 pF)

CMRR 100 100 Decibels
Slew rate (C, = 20 pF) *1 *1 Volts/microsecond
Settling time (C, = 20 pF) 1 1 Microseconds

The two-stage architecture has the disadvantage of having two high-
impedance nodes, which are indicated by A and B in Fig. 6.5-4a. This implies
that two poles will be dominant, which will deteriorate the phase margin of the
op amp. In order to resolve this situation, a Miller capacitance (C,) is introduced
between points A and B. The feedback path through C, around the inverter causes
these poles to split; it makes the pole at A dominant and for an appropriate value
of C; drives the pole at B out to or beyond GB. While this creates a single
dominant pole, any large load capacitor will drive the pole at B back toward the
origin, causing a poor phase margin.

The susceptibility of the Miller compensation scheme to capacitive loading
has influenced the development of a second op amp architecture shown in Fig. 6.5-
4b. This type of architecture is called the cascode configuration. A modification
of this architecture, called the folded cascode configuration, is shown in Fig.
6.5-4c. In each of these cascode configurations, there is only one high-impedance
node, which is at the output. The reason is that the input resistance of the cascode
stage is very low (1/gr), as was seen in Sec. 6.2. Since the gain of the cascode is
approximately equal to that of the inverter, this is a very clever way of eliminating
the high-impedance point at A of Fig. 6.5-4a. Compensation of the cascode op
amp is accomplished by a capacitor connected from the output to ground. This has
the attractive feature that as Ci increases, the compensation increases, keeping
the op amp stable for large values of load capacitance.

Figure 6.5-5 shows the equivalent architectures for the CMOS op amp. The
need for a second stage for the CMOS op amp is more obvious since the gain of
a CMOS stage is typically less than that of an equivalent BJT stage. Although
many other architectures for op amps exist, these represent the basic structures.
They will aid in the designer’s understanding of new or different architectures.



AMPLIFIERS
A Voo
(mmmmm-
? Raias A JI (
: CC B
Vo Q1 Q2 Z +—o Vo
& Lﬁm E
¥ Vee
(@
Voo

) Q3
? Raias
_ Veeso{ Qs
|
Vo Q1 Vo
VaBgo
N
Q12 Qi1 Q10 Q7 I
¥ Vee :
(b)
A Vee
r
: Q5

VBBs Q6

? Reias
Q3
: VBa3 Q4
2 Qt Q2 A ' Vo
7 8
Ce »
Qi1 1OI

FIGURE 6.5-4
(a) Two-stage BJT op amp, (b) Cascode BJT op amp, (c) Folded cascode BJT op amp.

9]

Q
©

| JO\_/Q

r"

¥ Vee
(c)

479




480  VLsI DESIGN TECHNIQUES FOR ANALOG AND DIGITAL CIRCUITS

A Voo
| .
' vl me  ——]|ms
? Raias A Vi
. ¢

L)

V2°——| M1 M2 |—0V1 Bl— Vo

Mé

Vo
VGGQ°—‘| M9
Cc
mi2 || | w7 I
|
! - |
' Vaes LH| Y
Raias : i
: T
! Vaas _'\144
ov1o_.| M1 M2 |—on |_|_|_] J_O (e}
M7 M8
] R
M1’€||————| M11 M9 Pr\]mo :l:

¥Vss
(c)

FIGURE 6.5-5
(@) CMOS two-stage op amp, (b) CMOS cascode BJT op amp, (c) CMOS folded cascode op amp.




AMPLIFERs 481

6.5.2 The BJT Two-Stage Op Amp

The design of the two-stage BJT op amp will be considered first because it is
the simplest.! Because the performance of the op amp is based on the small
signal model, Fig. 6.5-6a shows the small signal model of the op amp of Fig.
6.5-4a. The first-stage model was developed in Fig. 6.3-15, where definitions
of Ry, R, C;, and G, are still valid, with the exception that r ;s is added in paral-
lel to R,, causing that resistance to be significantly decreased. The second stage
in this model is simply that of an inverter. R3 and C; are given as

R3 =ros || 7os (6.5-6)

and
C3 =Cys + Cus + Cess + Cess + G 6.5-7)
In order to simplify our considerations, assume that w; and w; of Eq. 6.3-84
approximately cancel and that g 3 = gn4. The resulting small signal, differential-

input model for the two-stage BJT op amp is shown in Fig. 6.5-6b where v;; =
v; — vo. The parameters of this model are defined as

Eml = &ml = &m2 (6.5-8)
Ri=Ry=rollrell ras (6.5-9)
G=G = Cﬂz + C,JA + Cps + Cesz2 + Cess (6.5-10)
Emil = &m5 (6.5-11)
Riu=Rs=ros| 7o (6.5-12)
and
=G = C#5 + CI_,,5 + Cess + Cesg + G, (6.5-13)
Ce
¥4
+ + I\
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FIGURE 6.5-6

(a) Small signal model of Fig. 6.5-4a or Fig. 6.5-5a, (b) Simplified model of (a).



482  vLSI DESIGN TECHNIQUES FOR ANALOG AND DIGITAL CIRCUITS

C. is the compensation capacitance and is not included in C; or (y;.

Analysis of the circuit of Fig. 6.5-6b illustrates how the Miller capacitor,
C., splits the poles and accomplishes the dominant pole compensation. If C is
zero, then the transfer function Vg(s)/ Vip(s) is given as

Vo(s) _ gmiRigmuRnwron _ Aowi@r 6.5-14)
Vin(s) (s + o)(s + of) (s + w)(s + @fp)
where
ol = —pj = ﬁ (6.5-15)
and
ofr = ~ph = — (6.5-16)
RuCi

p{ and pj; are the pole locations of Fig. 6.5-4a when C is zero.
When C, is not zero, then the transfer function of Eq. 6.5-14 becomes

Vo(s)[Vip(s) = A1 = (Scc/gmll)]/{l + s[Ri(G + Cp) + Ru(Gy + Co) +

gmnRIRC:] + s*RiRy[CiCyp + C( G + Cu)]} (6.5-17)

Applying Eq. 6.1-26 to Eq. 6.5-17 gives
-1

= — (6.5-18)
b gmnRiRNCe
and
_ngICc

= 6.5-19
pu GGy + Gy + GC. ( )

Also, the zero introduced by C. is located at
7 = &mll (6.5-20)

Ce

Figure 6.5-7 summarizes these results. Figure 6.5-7a shows how the poles at —py
and —p{; have been split into the poles at —p; and —py;. C. also creates a zero
in the right-half plane (RHP). The effects of the RHP zero can be ignored for the
BJT two-stage op amp. Figure 6.5-7b shows a possible form of the magnitude of
the frequency response if GB < py; < z. It is important to note that the BJT op
amp will have |p{;| less than | pil if the input resistance to QS is not increased.
Often a Darlington is used in place of QS for this purpose.

The preceding analysis of the BJT two-stage op amp can be summarized as
follows. The low-frequency open-loop gain is given as

Ay = gmigmiRiR11 (6.5-21)
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(a) Open- and closed-loop roots of Fig. 6.5-6b, (b) Closed-loop magnitude response of Fig. 6.5-
6b.

The dominant pole is given by

1
I —— (6.5-22
1] gmnRiRuCe )
The unity-gain bandwidth, GB, is found by the product of Egs. 6.5-21 and 6.5-
22 and is

GB = &ol (6.5-23)
C

These three relationships form the basis of the two-stage op amp design along
with two other constraints, which are developed below. For good phase margin,
it is desirable to have z >| py; | and | py; |> GB. From these two constraints, we
get

&mll = &mI (6.5-24)
and

G < -‘%Cc (6.5-25)
ml
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The design approach for the BJT two-stage op amp will be to establish the
bias currents in the first and second stages of Fig. 6.5-4a to meet the specification
for A, and maintain the constraints of Egs. 6.5-24 and 6.5-25. C, will be chosen
to meet the specification for GB. Replacing the small signal model parameters
in terms of dc currents and device characteristics results in the following key
equations which give a reasonable phase margin.

1V I
A, ~ Smgmillzs _ Brs/ V. a (6.5-26)
805 T 8o6 I/VAN + lfVAP ICS
Eml 8 ml Iy
GB =&m _ &ml _ 6.5-27
CC Cc VtCC ( )
I
8mil _8ms _ Lcs (6.5-28)

gmi  &m1 Ici

To illustrate the design of a BJT two-stage op amp, we will assume that
the desired specifications are A, = 10,000 and GB = 1 MHz. Obviously, there
are many other specifications of the op amp, as illustrated in Table 6.5-1, but we
will start with these two. Assuming that Bgy = 200, Bgp = 50, V ey = 100 V,
and Vpp = 50, Eq. 6.5-26 becomes
@) (6.5-29)
Ics
Choosing I¢s = 51, gives A, = 13, 340. Picking C. = 30 pF gives I¢; = 5 uA
from Eq. 6.5-27. Thus, 15 = 25 nA. From these currents we can calculate the
differential input resistance as rig = 2r,; = 2 M) and the output resistance as
roww = 1.334 MQ). The slew rate is determined by how fast C, can be charged
and discharged. This is given by the expression

A, = 66,700

Slew rate = SR = L (6.5-30)
Ce

where [ is the smaller of 2/¢; or I¢s. In this example, the slew rate of the op
amp is 2/ ¢1/C, =0.33 V/us. It is seen that the design of the BJT two-stage op amp
is simple but constrained in its ability to simultaneously satisfy many op amp
specifications. The performance is satisfactory for most applications, with the
possible exception of the high output resistance. The choices that were made in

this design example can be varied to achieve different values of specifications.
Up to this point, the design of the BJT two-stage op amp has not depended
on the geometries of the individual devices. In other words, while Q1 and Q2
should be matched and Q3, Q4, and QS should be matched, there is no geometric
relationship between them. The sizes of Q6, Q7, and Q8 determine the currents.
Generally, a resistor is connected from the collector of Q8 to V¢ to establish
I cg. This current will be dependent on power supply variations, leading to a poor
PSRR. To improve the PSRR, the current for / cg must be provided by one of the
current sources of Sec. 5.3. When I g is defined, the ratio of the emitter areas
of Q6, Q7, and Q8 can be used to define /o7 (=1¢1/2) and I (=1¢s). It is
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important to keep each BIT operating in the forward active region for the best
performance and largest signal swings. The sizing of the emiter areas depends on
the application. Devices in the input (Q1 and Q2) and in all current mirrors should
be as large as possible for matching without degrading the frequency response.
The remaining device areas should be as small as possible if power dissipation is
not a concern.

After an initial design has been obtained by the method illustrated, the next
step is to use a simulator such as SPICE that permits the designer to consider
second-order effects and examine the influence of parameter and process variation.
This step is important since it gives the designer a good understanding of the
performance of the op amp and of how to make tradeoffs using the computer to
achieve the final design specifications.

6.5.3 The CMOS Two-Stage Op Amp

Let us consider next the design of the two-stage CMOS op amp shown in Fig.
6.5-5a. Since the small signal model of Fig. 6.5-6 holds for the CMOS case,
Eqgs. 6.5-21 through 6.5-25 are also valid. The values of Ry, Ry, Gy, and (g for
the CMOS case are given as

Ry =rgo || ros (6.5-31)

Ry =ras || rass (6.5-32)

G =Coaz + Cgaa + Cygss + Capp + Cypa (6.5-33)
and

Cit =Cyas + Caps + Caps + CL (6.5-34)

The key equations pertaining to the CMOS two-stage op amp design are
given as

Em18m5
Ao =gmgmuRiRy =
°oomen (gas2 + gast)8ass + Lass)
o kw1 2kpws | V2
(Az + A4\ IpiLy As + Ag/\ IpsLs
I <5 AAL
o~ —— |2NPWIWS (6.5-35)
2A2 IniIpsLiLs
gml _ &ml 1 [2KLW Ip |2
GB =20 =2 — (22N U DI 6.5-36
C. C. C. L, ( )
and
gumll _ gms _ Kﬁzlm(WI/Lo} (6,537
gml  &mi Kplps(Ws/Ls) '
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Comparing Egs. 6.5-35 through 6.5-37 with Eqs. 6.5-26 through 6.5-28 reveals
a very important difference between BJT and CMOS integrated circuits. This
difference is that the performance of the CMOS op amp is dependent on the
geometry of the devices, whereas the BJT op amp is independent of the geometry
of its transistors. While this creates additional complexity in the expressions, the
designer has much more freedom to meet the specifications of the design.

The additional degrees of freedom allow the designer to impose constraints
that will ensure that all MOS devices operate in saturation over wide process
variations. In Sec. 5.4, we showed how the ratio of the W/L values of two MOS
devices connected gate-to-gate and source-to-source could control the ratio of the
drain currents. This principle is employed in the circuit of Fig. 6.5-5a to ensure
that M4 operates in saturation. All other devices either operate in saturation by
their connection or by external potentials applied to the inputs or outputs. For
matching and symmetry, we must choose W/L; = W,/L, and W3/L3 = W4/L,.
If we force Vg3 to be equal to Vgs by the following relationship

Ws _ Ws(Is
Ly Ls|Is

then since Is = Ig, I3 = I4, and W3/L3 = W4iL4, we may express Eq. 6.5-38
as

(6.5-38)

LY &(!ﬁ) (6.5-39)

Ly Ls\Ig

However, because 14 = 0.5 and 17/13 = (W4/L4)/(Wg/Ljg), the condition for
M4 to remain in saturation becomes

Wy _ (Ws/Ls)(W7/L7> _ (Wsi’Ls)({_;{)

Lg 2 \WeLe] 2 \Ig

To illustrate the design of a two-stage CMOS op amp such as that given
in Fig. 6.5-5a, assume that the desired specifications are A, = 50,000, GB
=1 MHz, and the slew rate is 2 V/us. Assume that the device parameters are
K = 2K}h = 25 uA/V2, A = 0.01 V™! and C. = 5pF. From the slew rate
specification and C;, we see that Ip; = 5 uA. We will pick Ips equal to 50 uA
to make the zero due to Miller compensation larger than the second pole. Solving
for W{/L, in Eq. 6.5-36 gives W,/L,; = 4.0. Since M1 and M2 are matched,
W,/L, is also 4.0. In Eq. 6.5-35 we may solve for Ws/Ls to get 4.5. Since the
ratio of current in M6 and M7 is I ps to 2/, we may solve for W, /L, from Eq.
6.5-40 as being 10 times less than Ws/Ls, or 0.45. Finally, one can solve for
the value of Wg/Lg necessary to establish a reasonable current in M8 and solve
for W¢/Le and W4/L+ using the current ratios. The small signal input resistance,
R;4, of the CMOS op amp is infinity because of the infinite gate resistance. The
output resistance is equal to the parallel combination of rg;s and rge and is 1
M for this example.

At this point, the circuit designer typically sets the smaller value of W or L
equal to perhaps twice the smallest allowable value and solves for the remaining
dimension. For a minimum L or W of 5 u, Table 6.5-2 gives a set of possible

(6.5-40)



AMPLIFERS 487

TABLE 6.5-2 .
A set of first-cut W and L values for the design of a CMOS

two-stage op amp such as that shown in Fig. 6.6-5a

M1 M2 M3 M4 M5 Mé M7 M8

W () 40 40 10 10 45 - 10 10 10
L (u) 10 10 22 22 10 10 50 10

W and L values for the op amp of Fig. 6.5-5a if the current in M8 is 50 uA when
Ws/Lg = 1. At this point, the designer would turn to a simulator to refine and
optimize the design.

Unfortunately, the transconductance of the MOS device is not as large as
for the BJT, which causes a problem due to the zero of Eq. 6.5-20. Using the
values of the preceding example, we find that the zero is locatéd at 2.39 MHz
(the RHP zero for the BJT two-stage op amp was at 10.6 MHz). This RHP zero
will destroy the phase margin of the CMOS two-stage amplifier. Figure 6.5-8
shows a clever way to eliminate this zero and to make the two-stage CMOS op
amp of Fig. 6.5-5a practical. It can be shown that the new zero location is given
by

1
Cc{( 1/gmm) — Rz]

With the nulling resistor, the designer can conceptually move the RHP zero to
infinity; in fact, the zero can be moved into the left-hand plane and used for
lead compensation. R, is typically implemented by an n-channel and p-channel
transistor in parallel with the gates taken to the appropriate power supply. For
our example of the two-stage CMOS op amp, g5 was 75 uS; therefore, a value
of R, = 13.33 k{} would move the RHP zero to infinity and retrieve the good
stability properties. The same nulling resistor technique can be applied to the two-
stage BJT op amp if necessary.

’

(6.5-41)

FIGURE 6.5-8

Nulling method to remove the
effects of the RHP zero due to
Tow device transconductance.
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6.5.4 Cascode Op Amps

If the load to an op amp is primarily capacitive, it is not necessary to use a low
resistance output stage to achieve satisfactory performance because large output
currents are only required under dynamic conditions. The difficulty with a capac-
itive load for the two-stage op amp is that it destroys the Miller compensation and
eventually causes the op amp to become unstable if C, is too large or the closed-
loop gain of the op amp approaches unity. In this case, the cascode architectures
shown in Fig. 6.5-4 and Fig. 6.5-5 are very useful. Consider the BJT cascode
op amp of Fig. 6.5-4b. The current from the collector of Q1 is mirrored into
the collector current of Q7 while the collector current of Q2 is mirrored into the
collector current of Q6. These currents are applied to the common-base config-
uration of Q8 and Q9. Q6 and Q8 and Q7 and Q9 are cascode amplifiers, as
will be recognized from Sec. 6.2. The differential currents are combined at the
collectors of Q8 and Q9, resulting in a single-ended output voltage, V. The
important feature of the circuit of Fig. 6.5-4b is that the high-impedance point at
A in Fig. 6.5-4a is no longer present. Since the output resistance is very high, the
compensation can be accomplished by a capacitor connected from the output to
ground. This means that a large load capacitance, Gy, will simply provide more
compensation, keeping the op amp circuit stable. The low-frequency gain of the
BIT cascode op amp is similar to that of the two-stage BJT op amp because the
gain of the cascode stage is approximately equal to the gain of the inverter stage.

The BIT folded cascode op amp of Fig. 6.5-4c uses the same principle as the
BIT cascode op amp to eliminate the high-impedance point at A, thus achieving
a configuration with the high-impedance point at the output of the op amp. In this
architecture, Q1-Q3 and Q2-Q4 form the cascode pairs. It is necessary to use a
cascode current mirror (Q7 through Q]0) to maintain the high output resistance
of this configuration. The folded cascode is useful in acheiving a wide common-
mode input voltage range.

In many cases, the two-stage BIT op amp is satisfactory for driving moderate
values of Cp, because of the higher values of g, for a BJT. The higher value
of gm pushes the RHP zero away from the origin and keeps (i from having a
strong influence on the stability of the op amp. However, the CMOS cascode
configurations of Fig. 6.5-5b and c are often used because of the low g, of the
MOS devices compared with that of the BJT devices. Another reason for using the
cascode architecture is due to PSRR performance. It can be shown that variations
in the upper power supply for the two-stage architecture couple through the base-
emitter of Q5 (gate-source of M5) and C; to the output, resulting in poor PSRR
performance. The cascode configurations do not have this problem, which was
another motivation for their development.

To understand the performance of the cascode op amp configuration in more
detail, consider the folded cascode CMOS op amp of Fig. 6.5-5¢. Figure 6.5-9a
shows a small signal model for this op amp. The bulk effects of all devices whose
source is not on ground have been ignored. ry,, réy and the current-controlled
current source, i, represent the cascode mirror consisting of M7 through M10 (see
Sec. 5.4). Figure 6.5-9b is a simplified version of Fig. 6.5-9a using the technique
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illustrated in Sec. 6.3 for the differential amplifier of Fig. 6.3-4c. Neglecting r
as compared to 1/g, results in the approximate small signal model of the circuit
of Fig. 6.5-5¢ shown in Fig. 6.5-9c. Analysis of this circuit shows that the low-
frequency voltage gain is

:_:i = Ay = gmiTout = &m18ms’ ds8” dsl0 (6.5-42)
where ri, was given by simplication of Eq. 5.3-10. Assuming that all W/L ratios
are unity, Ky = 2Kp = 25 pA/V2, Ay =Ap =0.01 V™1, and Ip; = Iy =5 pA,
the dc current in M5 through M9 (M6 through M10) is 50 uA and the low-
frequency gain, A,, is 22,361. The output resistance of the circuit of Fig. 6.5-5¢
can be found with the assistance of the circuit of Fig. 6.5-9d. ry is found as

' T'ds27 ds4
routzroutlirds4 1+(l+gm4rd84) ==
rgs2 + Tdsq
= (gmsrassrds1o) || [(8marasa) (rasa || asa)] (6.5-43)

Using these values for the folded cascode CMOS op amp, we find that rqy is
equal to 78.3 M(.

The frequency performance of the folded cascode CMOS op amp is simply
given as

Vol(s) Ao GB
= = .5-44
Vin(s) s+ao s+ o ® )
where g is given as
1
wy = (6.5-45
RoutCL )

Cy is the total capacitance attached to the output of the folded cascode CMOS op
amp. The slew rate is found as

I
SR 3 (6.5-46)
where I is Ip;; of Fig. 6.5-5b or c¢. The performance of this op amp can be
evaluated with the assistance of Egs. 6.5-42 through 6.5-46. Continuing with the
preceding assumptions, we find that for GB = 5 MHz, the value of Cj, is 9.1
pF. This gives a slew rate of about 1.1 V/us. Of course, the W/L values can be
used to modify the design to achieve different specifications.

One of the disadvantages of this architecture is that the output signal swing
is limited by the cascode configuration. This swing limitation can be alleviated
using the technique described for cascode current mirrors (see Fig. 5.4-10). A
practical implementation of the folded cascode CMOS op amp is shown in Fig.
6.5-10.2 With =5 V power supplies, the op amp has an output swing of +4.1 V.
It has a low-frequency gain of 5000, a GB of approximately 5 MHz, and a PSRR
in the range of 60-70 dB. The input offset voltage, Vos, is £6 mV. In the basic
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FIGURE 6.5-10
Folded cascode CMOS op amp design. W/L values are in microns.

folded cascode architecture of Fig. 6.5-Sc, the operating region of all devices
can be defined by external voltages so that ratio constraints are not necessary.
In choosing the W/L values, one of the primary considerations is to increase the
signal swings. The W/L values of the circuit of Fig. 6.5-10 correspond to Ky =
23.6 pA/VZ, Kp = 5.84 uA/V?, Vin =079V, Vip = —0.52 V, w = 0.526
VY2 yp = 0.67 V2, Ax = 0.0207 V7L, and Ap = 0.0121 VL,

6.5.5 Op Amps with an Output Stage

None of the op amps considered so far are capable of driving low values of load
resistance. If the application requires a low output resistance, then the two-stage
op amp can be followed with an output amplifier by use of the concepts of Sec.
6.4. Figure 6.5-11 shows the combination of the BJT two-stage op amp of Fig.
6.5-4a with the output stage of Fig. 6.4-14b to obtain an op amp with the ability
to drive a low value of Ry.. Q6 and Q7 are used to determine the operating current
in the push-pull output transistors, Q8 and Q9. One of the difficulties in adding
an output stage is to decide whether or not to include the output stage within
the Miller compensation. The two choices are indicated in Fig. 6.5-11 by C
and Cy. C. is less desirable because the pole due to the output stage will be
large and close to GB, resulting in three poles inside the compensation loop.
The Miller compensation method does not work well in this situation because
complex conjugate poles can be created. The ability of the output stage to drive
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FIGURE 6.5-11
BIJT two-stage op amp with a push-pull output stage.

a load resistance has been discussed in the preceding section. Further information
can be found in the references.®”’

Figure 6.5-12a shows a two-stage CMOS op amp with an output stage
similar to that of Fig. 6.4-14a. The compensation capacitor does not include the
output stage and uses a nulling resistor, R,, to achieve good stability properties.
The ability to sink or source current is determined by the second stage of the op
amp (MS). The bias current in the output devices (M8 and M9) should be chosen
to reduce the crossover distortion and keep the quiescent dissipation low. Also,
the bias current in the output devices will determine the small signal value of
output resistance. The output swing of this op amp will be limited due to the
body effects, causing V- to increase as the positive or negative rail is approached
by the output voltage.

Figure 6.5-12b shows use of the substrate BJT to create an output stage.
This technique will provide low small signal output resistance because of the
large value of g, for the BIT. Unfortunately, the BJT suffers from the inability
to source current for large positive output swings. Because the output devices are
of a different type and in a different configuration (emitter follower and common
source), the sourcing and sinking currents will be difficult to match. In addition,
this configuration will create appreciable distortion.

A better solution to the output stage problem for the CMOS op amp is to
couple the circuits of Fig. 6.4-15a and Fig. 6.5-10 resulting in the
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FIGURE 6.5-13 ,
Folded cascode CMOS op amp with output buffer.

arrangement of Fig. 6.5-13. Only one of the error amplifiers is shown in this
figure. The resulting CMOS op amp has an output resistance of 300 () and
achieves an output signal swing of approximately —4.3 Vto +3.5 V for =5 V
power supplies and a load of 2000 () and 100 pF. Total power dissipation of the
op amp and buffer stage is S mW for =5 V supplies.

6.5.6 Simulation and Measurement of Op Amps

It has been mentioned that the next step after developing a first-cut design of
an op amp is simulation. This is a key step in the successful design of an op
amp. Another important step is the actual measurement of the op amp when it
is fabricated. Because the considerations necessary for the simulation and testing
are so closely related, they will be considered simultaneously. One of the more
important characterizations of op amp performance is operation in the open-loop
mode. However, as it is difficult to measure an op amp in its open-loop mode,
it is also difficult to simulate an op amp in the open-loop mode. The reason for
this difficulty is the high differential gain of the op amp. Figure 6.5-14 shows
how this step might be performed. Vg is an external voltage whose value is

FIGURE 6.5-14
Open-loop mode with offset compensation.



PLATE ONE Wafer photo — Motorola 68000 Family Microprocessor
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T 1

FIGURE 6.5-15
A method of measuring open-loop characteristics with dc bias stability.

adjusted to keep the dc value of Vgyr between the power supply limits. Without
Voft» the op amp output will be at the positive or negative power supply for either
the measurement or simulation case. The resolution necessary to find the correct
value of V¢ usually escapes the novice designer. It is necessary to find V¢ to
the accuracy of the magnitude of the power supply voltage divided by the low-
frequency differential gain (typically in the range of millivolts).

The approach proposed in Fig. 6.5-14 to measure the open-loop gain is
only practical for simulation. A better method of measuring the open-loop gain
is shown in the circuit of Fig. 6.5-15. In this configuration, it is necessary to
select the reciprocal RC time constant to be about 10 to 100 times less than the
anticipated dominant pole of the op amp. Under these conditions, the op amp has
total dc feedback, which stabilizes the bias. The dc value of Vgyr will be exactly
the dc value of Viy. The true open-loop frequency response characteristics will
not be observed until the frequency is approximately 10 times 1/RC. Above this
frequency, the ratio of Voyr to Viy is essentially the open-loop gain of the op
amp. This method works well for both simulation and measurement.

Simulation or measurement of the open-loop configuration of the op amp
will characterize the open-loop transfer curve, the open-loop output swing limits,
the phase margin, the dominant pole, the unity-gain bandwidth, and other open-
loop characteristics. The designer should connect the anticipated loading at the
output in order to get meaningful results. In some cases where the open-loop gain
is not too large, it can be measured by applying v;, in Fig. 6.5-16 and measuring
vour and v;. In this configuration, one must be careful that R is large enough not
to cause a dc current load on the output of the op amp.

R R
+° AMWN— AA'AY T T—o+
| |
+ | :
Vin vi F"Lg CL/—|: Vout
- |
_ | |
o ! [

FIGURE 6.5-16
Configuration for simulating the open-loop frequency response for moderate-gain op amps.
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—o Vour= Vos

FIGURE 6.5-17
Configuration for measuring the input offset voltage.

The dc input offset voltage, Vs, can be measured using the circuit of Fig.
6.5-17. If the dc input offset voltage is too small, it can be amplified by the use
of a resistor divider in the negative feedback path. Figure 6.5-17 is also a good
configuration for measuring or simulating the input common-mode range. Figure
6.5-18 shows the anticipated unity-gain transfer characteristic of the op amp in
Fig. 6.5-17, illustrating the input common-mode range.

The common-mode gain is most easily simulated using the circuit of Fig.
6.5-19. It is seen that if Vg fails to keep the op amp in the linear region, this
measuring configuration will fail. An alternate method of measuring the common-
mode gain is given in Fig. 6.5-20. This circuit can be used to measure the CMRR,
which will also give the common-mode gain. The method involves a sequence
of two steps. The first step is to set Vgg to Vygg + 1V, Vip to Vi + 1V,
and Vg to 1 V by applying —1 V to the input designated as —Vy. This is
equivalent to applying a common-mode input signal of 1 V to the amplifier with
the nominal supply values. The value at Vg is measured and designated as
Vorri- Next, Vg is setto Vyg — 1 V, Vg to Vi —1 V,and Ve to =1 V

AV,

out

I
I
[
|
Voo }VDDV v
- | in
! |
I
' |
' |
' i
I
I input common mode __, I
! range |
Mo i
FIGURE 6.5-18

Unity-gain transfer function of the op amp.
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FIGURE 6.5-19
Configuration for simulating the common-mode gain.

by applying +1 V to the input designated as — V. Vopp is measured and
designated as Vopr,. The CMRR can be found by

2000
CMRR | Vorrt = Vorr |
This measurement is a spot measurement and must be modified to obtain the
frequency response of the CMRR. The modification involves placing small sinu-
soidal signals of the proper phase in series with the power supplies.

The configuration of Figure 6.5-20 can also be used to measure the PSRR.
First, set Vi to Vg + 1V and Vo to 0 V by grounding — V. In this case, V;
is the input offset voltage for Vyy + 1 V. Measure Vopp under these conditions,
and designate it as Vopps. Next, set Vyy to Vgg — 1 V and Vg to O V, and
measure Vopg, designated as Vopps. The PSRR of the Vyy supply is given as

2000
| Vorrs — Vorra |
For the PSRR of Vy;, change Vi and keep Vyy constant while Vy is at 0 V.

(6.5-47)

PSRR of Vyy = (6.5-48)

100 kQ
- MAN—o -V,

Vorr o——

§1OKQ § 100 kQ

oV

out

op amp under test

FIGURE 6.5-20
Circuit used to measure CMRR and PSRR.
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The circuit of figure 6.5-17 can also be used to measure the PSRR of
the positive or negative power supply. Assume that the output voltage can be
expressed as

Vou = Awg(V1 — V2) + AggVaa (6.5-49)
where Agyq is the small signal voltage gain from Vg4 to V. It can be shown that

Voo = AwVaa _ Aad Vaa
out — -

= 4 6.5-50
1+Ag Awg “ PSRR ( )

if Ayg > 1. Therefore, applying an ac signal Vg4, in series with Vpp of Fig.
6.5-17 and measuring (or simulating) V, will give the value of 1/PSSR.

The last configuration we will consider is for the large signal transient
response. Figure 6.5-21a shows a configuration suitable for measuring the tran-
sient response of the op amp. Figure 6.5-21b shows a typical transient response.
Both the positive and negative slew rates and the positive and negative settling
times can be obtained from this configuration.

Other configurations not considered here include tests for noise, tolerances,
process parameter variations, temperature, etc. The primary objective of any
configuration is to keep the op amp in the desired region of operation and to
maximize the accuracy of the measurement/simulation data.

The design of BJT and CMOS op amps has been introduced in this section.
The basic two-stage architectures were introduced. The first-cut design of BJT
and CMOS two-stage op amps was illustrated. This step should be followed by
an extensive simulation of the design and the optimization of its performance.
The CMOS two-stage op amp is unable to drive large capacitive loads, which
led to the introduction of the cascode architectures. An example of a first-cut
design for a CMOS folded cascode op amp was presented. This was followed by
the addition of an output stage to permit the op amp to drive low resistive loads.
Finally, the configuration and techniques useful in simulating and measuring the
performance of op amps has been discussed.

£1%
output —»r"y
R~ ol
P \
input —e /
P / Y Vou
Vs )
i Il slope = +SR r\
o Vour L \\ —-
+ L\ slope =—SR |time
CL e settling time-» Y
I ‘
\
\
A\ 1’-\\’:\/
- \\/
FIGURE 6.5-21

Measurement/simulation of slew rate and settling time.
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The reader should be cautioned that the material presented was selected to
give an appreciation for, and an introduction to, the subject of integrated circuit
op amp design. The design of an actual op amp may deviate from the simplified
examples considered in this section. If the reader is faced with the task of
designing an op amp for a sophisticated application, this material is a good start-
ing place. It should be followed by a careful reading of the technical literature—in
particular, pertinent articles in the IEEE Journal of Solid State Circuits and
some of the references cited in this section.

6.6 COMPARATORS

In many signal processing applications, the ability to compare two signals and
identify which is larger is very important. A comparator is a circuit that compares
one analog signal with another. The output of the comparator depends on which
input signal is larger. Figure 6.6-1 shows the symbol for a comparator. We note
that it has two inputs and one output.

6.6.1 Characterization of Comparators

The ideal operation of the comparator is illustrated by Fig. 6.6-2. In Fig. 6.6-2a,
- a noninverting comparator is shown. This characteristic can be described as

Vou Vp=Vn
Vour = {VOL Vp < Vy (6.6-1)
where Voy is the upper limit and Vg is the lower limit of the output voltage
of the comparator. The comparator of Fig. 6.6-2a is called noninverting because
the output goes from the low state to the high state when the voltage Vp becomes
larger than Vy. Figure 6.6-2b shows an inverting comparator. This type of
comparator can be described as

Voo Ve=Vy
Vour = 6.6-2
ouT {VOH Ve < Vi (6.6-2)
where the output goes from the high state to the low state when the voltage Vp
becomes larger than V.
The comparator characteristics of Fig. 6.6-2 are ideal in the sense that they
require the comparator to have infinite gain during the output transition. Figure

Vp0—+

Vour

Vy o |-

FIGURE 6.6-1
Circuit symbol for a comparator.
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A Vour A Vour

Vo p—me— —_— Vou

Vo Voo

(@) (b)

FIGURE 6.6-2
Ideal voltage transfer characteristics of: (a) A noninverting comparator, (b)) An inverting comparator.

6.6-3 shows the transfer characteristics for comparators that do not have infinite
gain. The noninverting comparator is described by

Vou (Vp—VN) >V
Vour ={ Avy(Vp — VN) VL =(Vp—VN) =V (6.6-3)
VoL (Vp—VNn) <V

where Vy and Vyy represent the values of (Vp — V) at which the output is at
VoL and Vo, respectively, as | Vp — Vi | is increased from zero. The inverting
comparator is shown in Fig. 6.6-3b and is described as

VoL (Vp = VN) >V
Vour ={ —Ay(Vp — VN) Vi =(Vp—VN) = Vi (6.6-4)
VOH (VP - VN) < VIL

The performance of a comparator can be characterized by its (1) resolving
capability or threshold sensing, (2) input offset voltage, (3) speed or propagation
delay time, and (4) input common-mode range. The resolving capability of a
comparator is defined in terms of Fig. 6.6-3 as Vg — V. It is easy to see that
the resolving capability of a comparator is related to its gain. Assuming that Vg
and Vo are fixed by power supply limits, the resolving capability, AV , can be
expressed as

AV = M (6.6-5)
A,

As A, becomes large, the resolving capability approaches the ideal of Fig. 6.6-2.
The input offset voltage, Vg, is the value of voltage applied between the inputs
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A Vour A Vour
Vou |F—- —-—— VYou

slope = A,

slope =—A

v

- -1 Vo VoL-——
(a) (b)

FIGURE 6.6-3
Practical voltage transfer characteristics of: (a) A noninverting
comparator, (b) An inverting comparator.

to make Vgyr equal to zero when Vp and Vy are connected together (i.e., the
comparator Vg is the same as the op amp Vg). Figure 6.6-4 shows the effect of
Vos on the transfer characteristics of the noninverting comparator of Fig. 6.6-3a.
The propagation time of the comparator is a measure of how quickly the
output changes states after the input threshold has been reached. Figure 6.6-5
shows the time domain response of a noninverting comparator. The propagation

o<
@

FIGURE 6.6-4
v Practical noninverting voltage transfer characteristic
oL with input offset voltage illustrated.
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Vin+ Vi |

Vi

FIGURE 6.6-5
Time response for the practical noninverting comparator.

time, T, is the time between when (Vp — Vy) is equal to zero, typically
0.5(Vig + Vi), and when Voyr is equal to 0.5(Voy + Vor): This parameter
is very important since it determines how many comparisons the comparator can
make per unit of time. The propagation delay generally varies as a function of
the slope, the amplitude of the input, and its common mode value. A larger input
or a steeper slope will generally result in a smaller delay time.

The input common-mode range of the comparator is the range of voltages
over which the inputs continue to sense the difference between applied input
voltages. The resolving capability and input offset voltage are a function of the
common-mode input voltage.

6.6.2 High-Gain Comparators

A comparator can be implemented by three methods: use of a high-gain dif-
ferential amplifier, use of positive feedback, and charge balancing. The charge
balancing comparator uses switches and a clock and functions as a compara-
tor only at discrete periods of time. We will discuss only the first method and
show how positive feedback can be used to enhance its performance. Charge
balancing comparators are discussed elsewhere.®° A good candidate for a com-
parator is the differential amplifier presented in Sec. 6.3. The key attribute
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of the differential amplifier is its ability to amplify the difference between
the inverting and noninverting inputs over a wide common-mode range. As
a result, the threshold point, or trip point, can be made independent of pro-
cess and supply variations to a first order. The transfer curve describing the
differential amplifier has been presented in Sec. 6.3. For the CMOS differen-
tial amplifier of Fig. 6.3-4c, the input common-mode range is given by Eqgs.
6.3-40 and 6.3-44. The gain of this differential amplifier is given by Eq. 6.3-
36 and was calculated as 103 if K§ = 24 uA/V2, Wi/L; = 1,Ax = Ap = 0.01,
and Iss = 10 pA. If it is assumed that the difference between Voy and Vg is
5V, then the resolving capability is about 32 mV. If W/L, is increased to 10,
the resolving capability is 10 mV. The BIJT differential amplifier of Fig. 6.3-11
is a good implementation of a comparator. Because of the larger gain, the resolv-
ing capability is better than that of the CMOS differential amplifier of Fig. §.3-
dc. Assuming Van = 100V, Vap = 50V, and Vog — Vo = 5V, then the BJT
differential amplifier has a gain of 1333 which gives a resolving capability of 3.75
mV.

The input offset voltage of the differential amplifier is due to the mismatches
in the devices. Mismatches of this type are unavoidable and result from imperfec-
tions in the process. Offsets can be minimized by using a common-centroid geom-
etry layout. Figure 6.6-6 illustrates a common-centroid geometry for a CMOS
differential amplifier. It is also desirable to keep the number of bends and corners
in the layout to a minimum for the two devices that must match. Typical offsets
in the differential amplifier range from 5 to 15 mV for CMOS and from 3 to 10
mV for bipolar. The input offset voltage can be reduced by using large areas for
the devices and by keeping the gate-source voltages small.

The propagation time of the differential amplifier used as a comparator is
due to the pole at the output. Using Fig. 6.3-15b and ignoring the doublet gives
a step response of

vo(t) = Vo[l — exp _—’)} (6.6-6)

T2

where 7, is equal to R,C, of Fig. 6.3-15b and V/, is the final value of the output.
The time at which v,(¢) is 50% of V, is equal to 0.697,. Assuming that the
rise time of the input step is zero gives the propagation delay of the differential
amplifier comparator as

T, =0.691, = 0.69R,C, 6.6-7)

Using the values R, = 1 M{ and G, =0.7 pF for the CMOS differential amplifier
comparator gives a propagation delay of 0.43 us. Using values of R, = 0.67 MQ
and C, = 7 pF for the BJT differential amplifier comparator gives a propagation
delay time of 3.23 us. The load capacitance seen by the differential amplifier
comparator will greatly influence the propagation delay time. It will be seen that
the propagation delay time may be determined by the large signal response (slew
rate) rather than the linear step response.

The gain of most CMOS differential amplifier comparators is too small to
give satisfactory resolving capability. In order to increase the gain, we turn to the
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®__

O

M1A M2A

® ®
® 6

FIGURE 6.6-6
Cross-coupled transistor pair having a common-centroid geometry.

two-stage op amp as a possible architecture for a CMOS comparator. Consider
the two-stage CMOS comparator shown in Fig. 6.6-7. It will be assumed that the
bulk-source voltages of M1 and M2 are zero (i.e., M1 and M2 are in a floating
p-well). This circuit should be designed so that all devices are in saturation. This
can be achieéved if M1 and M2 are matched and if M3 and M4 are matched and
if Vsg3 = Vsgs = Vsgs. Using these guidelines, we can establish design rules for
transistor sizes in this circuit. In order to keep the circuit balanced, M1 and M2,
and M3 and M4 must be matched. If the input is balanced, then when Vp and
Vn are equal, the current flowing in M7 is split equally through M1 and M2. As
a result, we have the following relationships.
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; Vee
(b)

FIGURE 6.6-7
Two-stage comparators. (@) CMOS, (b) BJT.
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and

W, _W,

L L, (6.6-8)

W3 Wy

—= === 6-

L L. (6.6-9)
11 = 12 = 0.5[7 = ISS (66—10)

These relationships together with Eq. 6.5-40 completely describe the constraints
necessary to achieve the desired balance conditions. Unfortunately, there will
always be current mismatches in the current mirrors, which will lead to systematic
offset (as opposed to a statistical device mismatch offset). This systematic offset
is investigated in the following example.

Example 6.6-1. Calculation of systematic offset. The two-stage comparator of
Fig. 6.6-7a with the following device sizes has been designed using Eqs. 6.6-
8-6.6-10 and Eq 6.5-40: W1/L1 = Wz/Lz =20 ;:,/10 My W3/L3 = W4/L4 =
20 w/10 w, Ws/Ls =40 u/10 u, We/Le = 10 /10 v, W7/L7 = 10 /10 p. Assume
that Vpp = 10 V, Vss =0V, Vps; =3V, and Vpsz = Vpss = 2 V. The pertinent
process parameters are K = 24.75 uA/V?, Kp = 10.13 pA/V2, | Vo | =1V,
W=7 =05V, Ay =0.015V"", and Ap = 0.02 V™!, Find the systematic
offset voltage at the input of the comparator.

Solution. Assuming the bias current in M7 is 20 wA gives the following current
ratios (see Sec. 5.4).

I [1+ AnVpss\[WelLs| [1 + (0.015)(5)](1) _ L029
I;7 ~ \1+ AnVpss /| Wo/L, 1 + (0.015)(2) :
Is |1+ ApVpss|(Ws/Ls\ _ [1 + (0.020)(5)](2) 5115
14 1+ ApVpsa /| Wa/Ly 1+ (0.020)(2) ’

and
I, =21,
Thus, the currents /¢ and /s can be expressed as
I¢ = (1.029)(2)1, = 2.0581,4
and
Is=2.11514

Since I5 is greater than /¢, then the current in M5 must be reduced. Next we
determine by how much Vgss must be reduced in order to make 75 equal /4. The
method for accomplishing this is expressed by the following relationship.

2Ls

AVgss = KW,

172
] [T = (U5)"?] = —14.1 mV

It can be shown that the voltage gain of the differential amplifier is 81.32. Dividing
this value into AVgge gives the systematic offset at the input of the comparator as
| Vos | =0.174 mV.
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The two-stage BJT op amp is also suitable for use as a comparator. In
many cases, the higher gain of the BJT differential amplifier comparator makes
it unnecessary to turn to the two-stage architecture. We can note that if the two-
stage comparator only switches from Voy to Vgr or from Vgr to Voy, that
compensation is not necessary.

The performance of the input common-mode range of the two-stage BIT
and CMOS comparators is identical to that of the BJT and CMOS differential
amplifiers of Sec. 6.3. For the CMOS two-stage comparator, a procedure for
designing the input stage for a specific common-mode input range is to size M3
to meet the maximum input requirement and design the sizes of M1 and M2 to
meet the minimum input requirement. The input common-mode range limits for
the CMOS differential amplifier were given in Eqs. 6.3-40 and 6.3-42. These
limits, according to the device numbering in Fig. 6.6-7, are

172

1
I\ —~| Vo3| =V (6.6-11)

B3

Vgi(max) = Vpp —

where B3 — Kp(W3/L3) and
VGl(min) = VT07 + VTOl + V(;7 (66-12)

However, since V; is not known, it is more convenient to express Eq. 6.6-12
as
12

T 4y (6.6-13)

Vgi(min) = Vgs + Vpgy +

where B = K§N(W1/L1). An example will be given to illustrate the design of
the input stage for a specified input common-mode range.

Example 6.6-2. Designing for a specified input common-mode range. Using the
circuit of Fig. 6.6-7a, size the transistors M1 through M4 for an input common-
mode range of 1.5t0 9 V with Vpp = 10 Vand Vgs =0 V.

Solution. Assume the same device parameters as used in Example 6.6-1, except
that the magnitude of the p-channel and n-channel threshold voltages vary from 0.4
to 1.0 V, I; =20 pA, and Vpg(sat) =0.1 V. Using Eq. 6.6-13 with V;(min) = 1.5
V, Vps7 = 0.1 Vand Vr; = 1 V (worst case), we get 8; = 125 uA/V?, which gives
Wi/L, = Wy/L, = 5.05. Using Eq. 6.6-11 with Vg;(max) = 9 V and worst-case
threshold voltages gives 83 = 125 wA/V?, which gives W3/Ly = W,/Ly = 12.34.

6.6.3 Propagation Delay of Two-Stage
Comparators

In completing the design of the two-stage CMOS comparator, the gain of the
comparator will be achieved by the geometry and dc current of M5. The remaining
characteristic to be examined is the propagation delay of the two-stage comparator.
Since the comparator is made up of two stages, the total delay is determined
by adding the propagation delays of each stage together. Figure 6.6-7 shows the
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CMOS and BJT two-stage comparators and the two parasitic capacitors that will
be the primary source of the propagation delay. These capacitors are the same ones
used in Fig. 6.5-6b. C; was not included in Fig. 6.5-6a because the comparators
are not usually compensated since they do not normally operate in the linear range.
Compensation is only necessary when negative feedback is applied around the
comparator. The analysis for the propagation delay of the two-stage comparator
is based on the waveforms illustrated in Fig. 6.6-8. The delay for the first stage
is the time required for Vp to go from its quiescent state (Vg or Vorp) to the
trip point (Vgrp;) of the second stage. The delay for the second stage is the time
required for Vorr to go from its quiescent state (Vogrr or Vory) to the trip point
of the load circuit, which will be assumed to be 0.5(Vogi; + Vorr) -

We will consider the propagation delay time for both the BJT and CMOS
two-stage comparators simultaneously. It is seen that the propagation delay time
for a rising output (T; ) will be different from the propagation delay time for a
falling output (T;"). As a result, we will define the propagation delay time of
a comparator (7p) as the average of T} and T . First, let us assume that the
output of the comparator is falling and develop an expression for T . It will be
assumed that the difference between Vp and Vy is large enough that M2 (Q2)
is off and all of 77 goes through M1 (Q1). Therefore, the current available to

Voni

Vrre2

FIGURE 6.6-8
The slewing waveforms at the output of each stage of the two-stage comparator.
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charge C; from Vopg to Vopy is 77. Thus, the rising propagation delay for the
first stage ( T;’l) is

Tt = CIM (6.6-14)

Similarly, the propagation delay time for the falling output of the second stage is

- Voun ~ VoLn
T,=C—————— .6-15
2 = Cin o (6.6-15)
Adding Eqs. 6.6-14 and 6.6-15 together results in
- V -V V -V
T- = IR OLI | (- YOHII OLII (6.6-16)
P Iy 2l

The trip point at the input of stage 2 for the BJT is approximately V, In (Ipjas/Is).
Igas is the bias current in the second stage, Q6. The trip point for the CMOS
output stage is found by equating the currents in MS and M6, assuming both
devices are saturated. The result is

'B‘zé[vcss ~Visl? =1g =15 (6.6-17)
where B85 = K 1’>(Ws/Ls) which gives a trip point of
1/2
2 s
Vrrez = Vop — Vass = Vpp — Vs — Bs (6.6-18)

The propagation delay time for a positive-going output is similar, except
that the current source charging Cy; is not limited by the dc value of I5. The
falling propagation delay time for the input stage is given as

Tp_1 = C]‘M (6.6-19)
I

The rising propagation delay time is given by

+ _ ~ Youn — VoL
Ty, = CH———-—215 (max) (6.6-20)
where Is(max) is the current M5 or Q5 can source to Cp; when the gate or
base is taken low. In order to find /s(max), one must know the value of Vggs.
Obviously, the value of Vggs will be somewhere between Vrrp, and Vgr. Let
us approximate Vggs as halfway between Vogy and Voi;. This gives I s(max) for
the CMOS comparator as

Bs| Vour — Vour V.

Is(max) = ) > TS

(6.6-21)

For the BJT comparator, /s(max) is

I5(max) = BgSI4 (6.6-22)
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With this interpretation of I 5(max), the rising propagation delay time of the two-
stage comparator is

Vomr — V- V -V
+ _ ¢ Yom = Vire2 |~ Voun ~ Voun 6.2
T, 1 I 1™ (max) (6.6-23)

An example will illustrate the use of these relationships.

Example 6.6-3. Calculation of the propagation delay time for the two-stage
comparator. Calculate the propagation time for the CMOS and BJT two-stage
comparators of Flg 6.6-7. Let VDD = —Vss = 5V, VOLI = -3 V, VOI-H = 4V,
Voun =4V, and Vour = —4 V. Using the values Cs = 0.2 pF, Cy = 0.1 pF, and
CL = 0.5 pF and assuming the model values of Kp = 12.5 uA/V? and Ws/Ls = 4.5.
Let VCC = _VEE =35 V, V()H'[ = _VOLI = 4.7V and VOHII = -VQL[I =45V,
Furthermore, let us assume that Bgs = 100, I = 0.01 pPA,C, =02pF, C, =2
pF, Ccs = 0.4 pF, and G, = 3 pF.

Solution. Let us first consider the CMOS two-stage comparator. From Egs. 6.6-18
and 6.6-21, the values of Vigrp, = 2.67 V and Is(max) = 112.5 A, From Egs.
6.6-14 and 6.6-15, we obtain the values T ; =0.227 us and T, = 0.056 us. Using
Eq. 6.6-16 gives the falling propagation d%lay time as 7, = 0.283 us. From Egs.
6.6-19 and 6.6-20, we get T, = 0.0132 us and T;g = 0.0249 us. This gives a
rising propagation delay time of 0.038 us. The average propagation delay time is
p = 0.161 us. It is seen that the fastest transition of the CMOS comparator is for
a rising output.
Next let us consider the BJT two-stage comparator. Vgp, is equal to Ve —
Viln (I5/1ss), which is 4.482 V. Is(max) is equal to 1 mA from Eq. 6.6-22.
From Egs. 6.5-10 and 6.5-13 we find that G; = 3 pF and Gj; = 3.8 pF. Assuming
Is =200 pA and I7 = 40 pA in Egs. 6.6-14 through 6.6-16 gives T;'l = 0.69 us,
T, =0.086 us, and T = 0.775 us. Equations 6.6-19, 6.6-20, and 6.6-23 give
Tp =0.0164 ps, TS, = 0.0043 us, and T, = 0.021 us. The average propagation
delay time of the BJT two-stage comparator is found as T, = 0.398 us.

We note two things of interest about the two-stage comparator. First, as
illustrated in Example 6.6-3, the propagation delay time for a falling output is
different from the propagation delay time for a rising output. The reason is due
to the value of Vigp,. In both cases, Vgrp, is very close to the value of Vour,
which minimizes the delay of the first stage. In addition, the ability to source
more output current than sinking current at the output of the second stage reduces
the delay time of the second stage. Therefore, two methods that will reduce
the propagation delay time of a two-stage comparator are increasing the current
sinking/sourcing capability and reducing the signal swings. Of course, smaller
values of Cy and Gy will reduce the propagation delay times.

Another form of comparator is the clamped comparator, shown in Fig.
6.6-9. This comparator architecture attempts to reduce the propagation delay time
by keeping the output swing of the first stage clamped. Closer examination of
Fig. 6.6-9 shows that only the drains (collectors) of the output devices M5 and
M6 (QS and Q6) have a large difference between Voy and V. Consequently,
the propagation delay for the first stage is greatly reduced. While this comparator
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FIGURE 6.6-9
Two-stage clamped comparators: (a) CMOS, (b) BIT.

architecture reduces the propagation delay time, the overall comparator gain is
reduced. Since the effective load devices of the input differential amplifier are
smaller, the gain is significantly reduced. In fact, the voltage gain of the first
stage will be approximately equal to the ratio of the transconductances of M1
(Q1) and M3 (Q3).

The use of weak positive feedback to overcome the low gain of the clamped
comparator can result in satisfactory gain and minimized propagation delay time.
One possible implementation is shown in Fig. 6.6-10, where M10 and M11 (Q10
and Q11) have introduced positive feedback paths between the outputs of the
differential amplifier. The amount of positive feedback must be less than unity so
that the stage still acts like a linear stage as a result of overall negative feedback
provided by the source (emitter) connections of the input transistors Ml and M2

(Q1 and Q2).

6.6.4 Comparators Using Positive Feedback

The second approach to implementing comparators uses strong positive feedback
or regenerative techniques. This approach is similar to that used in sense amplifiers
for memories. Figure 6.6-11 shows a flip-flop with storage capacitors to ground
at each output. The circuit works as follows. Assume that the strobe is low, so
that M5 (Q5) is off. The flip-flop, consisting of M1 through M4 (Q1 through Q4),
is deactivated since no current can flow through any of the devices. This mode
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is called the memory mode, because the capacitors C; and C, will “remember”
the states of V; and V,. During this time, C; and C, can also be changed to new
values of V; and V,, respectively. When the strobe turns on the flip-flop, then
it will go to the state corresponding to the values of V, and V,. For example,
if Vy is greater than V,, then when the strobe (clock) pulse is applied to M5
(Q5), the voltage at the gate (base) of M2 (Q2) will be higher than the voltage
at the gate (base) of M1 (Q1). If the devices are matched, then the flip-flop will
regeneratively switch to the state with V high and V, low. This circuit can detect
differences in V; and V; within 5 to 10 mV depending on how well the devices
in the circuit are matched. A circuit showing how the clocks are applied and how
the outputs are buffered is illustrated in Fig. 6.6-12. During the sample mode,
¢ is low and ¢, is high. If V; is greater than V;, then the logic output Q is true.
If V, is greater than V,, then the logic output Q is true.

6.6.5 Autozeroing

One of the more serious problems of all comparators is the input offset voltage.
Clever design techniques and careful layout can reduce but not eliminate the
effects of offset. In most applications, the comparator does not operate contin-
uously but rather makes a comparison between two voltages and then is reset.
During the reset phase, it is possible to apply a technique called autozeroing. This
technique works particularly well with CMOS because of the high input resis-
tance of MOS devices. This is rather fortunate, as the offset of CMOS circuits is
typically a factor of 2 or more worse than for equivalent BJT circuits.

Figure 6.6-13 illustrates an input offset voltage canceling algorithm. The
comparator is shown in terms of an ideal comparator with an external offset volt-
age in Fig. 6.6-13a. A polarity is arbitrarily assigned for purposes of convenience.
It is also assumed that the comparator works on a nonoverlapping two-phase clock
cycle. During the first cycle, designated ¢;, the offset is measured as shown in
Fig. 6.6-13b and stored in a capacitor, Cxz. During the second cycle, designated
¢, the capacitor is connected in such a manner as to cancel the effects of the
offset, as illustrated in Fig. 6.6-13c.

A practical implementation of an autozeroed comparator is shown in Fig.
6.6-14. During ¢, the offset is sampled and stored in Caz. During ¢,, the
capacitor Cyz is connected in such a manner as to cancel the offset voltage. The
comparator can be CMOS or BJT as long as the input resistance is sufficiently
large so that Caz does not discharge during ¢,. Figure 6.6-15a shows the con-
figuration modified for the case where the comparator is noninverting and Vy is
zero. Figure 6.6-15b shows the modification of Fig. 6.6-14 for the case where
the comparator is inverting and Vp is zero.

Although the autozero technique seems like the perfect solution to the offset
problem, it does not completely remove the influence of offset for several reasons.
The first is that when the MOS switches open and close, charge is injected or
removed by the large clock swings on the gates of the switches. Second, the
capacitor Caz will lose some of its charge during the ¢, phase. Third, if the
offset is completely canceled for a given common-mode value of Vp and Vy
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FIGURE 6.6-13
Algorithm to achieve autozeroing of a comparator with offset: (a) Model for offset, (b) Storing of
Vos in Caz, (¢) Cancellation of Vgs.

during ¢, it may not cancel during ¢» because a different common-mode value of
Vp and Vy may have a different value of offset voltage. There is also the problem
of stability because the comparator has unity gain, negative feedback applied to it
during the sampling mode. It is necessary to compensate the comparator. Finally,
a noise kT/Cyz is injected into the circuit each time the switch closes.
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Practical implementation of an autozeroed comparator.
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The design principles of voltage comparators and various architectures that
can be employed have been presented in this section. The important parameters
of the comparator are its resolving capability, its input offset voltage, its propa-
gation delay time, and its common-mode input range. The performance of the
various circuits was related to these parameters. Except for the considerations of
propagation delay time, the comparator requirements were found to be similar
to those of the op amp. The comparators in this section represent simple but
practical designs. This section represents the starting point in the design of more
complex comparators. It should allow the designer the ability to select the design
most suitable for the specification. The next step is a thorough simulation of the
comparator using a simulator.
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6.7 SUMMARY

Basic circuits that form the high-level building blocks of analog integrated cir-
cuit design have been presented in this chapter. These. circuit blocks include the
inverter, the differential amplifier, the output amplifier, the op amp, and the
comparator. Design procedures, principles, and examples were given for each
type of circuit for both BIT and CMOS technologies. Most of the circuits consid-
ered used n-channel or npn devices as the input devices. This choice typically will
lead to better performance. The use of p-channel or pnp input devices is straight-
forward and exactly follows the design concepts presented in this chapter.

It was shown that the design cycle of these blocks starts with the specifica-
tions of the circuit performance. Next, an architecture is proposed to implement
the circuit. This architecture is always made up from building blocks or circuit
blocks with which the designer is familiar. The proposed architecture is then
analyzed (typically by hand) and modified by the designer, leading to a first-cut
design. This design is then simulated with much more accuracy and detail using
a circuit simulator such as SPICE2. The simulation is a very important part of the
design cycle and is where the designer can explore process parameter variation
and second-order effects.

The circuits presented in this chapter along with the building blocks of
Chapter 5 form the blocks or components which the designer uses to achieve
a circuit realization. Most of the analog circuits and systems presented in the
remainder of this text are simply combinations of these blocks or components.
In fact, some of the circuits in this chapter are combinations of previous circuits.
For example, the op amp was implemented as a combination of the differential
amplifier and the inverter or cascode amplifier.

The material presented in this chapter represents the simplest level of
design because of limited space. In many applications, these simple circuits are
sufficient. The basic design sequence has been illustrated and has given the reader
an appreciation for the design process. This material should be a good starting
point in the design of more complex analog integrated circuits.
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PROBLEMS
Section 6.1
6.1 Assume that Eq. 6.1-1, which corresponds to the circuit of Fig. 6.1-3a, is given as
. Vox
Io=Vi+—
0=Vix* o
and that *
I = Ve — Vour
- 100

Solve for the small signal voltage gain when Viy = Vour =0 V.

6.2 Use the relationships given in Prob. 6.1 and develop a linear small signal model
similar to that of Fig. 6.1-6. Assuming Viy = Voyr = 0 V, find the small signal
voltage gain.

6.3 Assume that r; = 1 MQ,r, = 100 kQ,C, = 1 pF, G, = 1 pF, and g, = 0.001 S.
Find the root (poles and zero) locations if C3 = 0 and C; = 1 pF for the circuit of
Fig. 6.1-8.

6.4 Repeat Example 6.1-1 if W,/L, = 100 u/10 p and Wo/Ly = 5 p/10 p.

6.5 Repeat Example 6.1-2 if Wy/L, = W,/L, = 10 /10 p.

6.6 Repeat Example 6.1-2 for the inverter of Fig. P6.6. Assume the active area extends
10 u beyond the polysilicon.

6.7 Figure P6.7 shows several MOS inverters. Assume that Kx = 2Kp, that Ay = Ap,
and that the dc bias current through each inverter is equal. Qualitatively select, '
without using extensive calculations, which inverter(s) has (a) the largest ac small
signal gain, (b) the lowest ac small signal gain, (c) the highest ac output resistance,
and (d) the lowest ac output resistance. Assume all devices are in saturation.

6.8 Repeat Example 6.1-4 for Vg, = 4.3 V.

6.9 Repeat Example 6.1-4 for the BJT inverter of Fig. 6.1-18b.

6.10 Figure 6.1-18 shows two BJT inverters. If Vapy = 2Vapp and Ben = 28pp, Which
inverter has (a) the highest ac voltage gain, (b) the smallest ac voltage gain, (c) the

N Vop = 5V
M1
< W, 3oum
Vv o L, ~10um
o Vour
M
-2V o—l— &_M

L, 10um
j_ Ves = -5V

FIGURE P6.6
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highest ac output resistance, and (d) the lowest ac output resistance. Assume that
the bias currents are equal.

Section 6.2

6.11 Find the ac voltage gain and the output resistance for the circuit of Fig. 6.2-2 if the
bias current is 100 uA, Wi/L; = 100 /10 p, Wy/L, = 100 /10 w1, and W3/L3 =
10 /10 . Use the model parameters of Table 3.1-2 and assume all devices are
saturated.

6.12 Repeat Example 6.2-1 with all W/L values equal to 20 ©/20 pu.

6.13 Find the small signal voltage gain and output resistance for the circuit of Fig. 6.2-8
if Ic = 1 mA.

6.14 Repeat Prob. 6.13 for the circuit of Fig. 6.2-10.

Section 6.3

6.15 If the active loads of the circuit of Fig. 6.3-1 were replaced by identical drain—
gate-connected enhancement n-channel transistors, sketch the large signal voltages,
Vo1 and Vp,, as a function of the differential input voltage Vip if Ky is 20 _y.A/V2,
Wi/Ly = Wy/Ly = 10 w/10 u, W3/L3s = W4/Ly = 10 p/40 . (M3 and M4 are the
drain—gate-connected active loads), and I'ss = 50 uA. Assume Vpp = 10 V. Ignore
the bulk effects of M3 and M4 in this problem.

6.16 Substitute Eq. 6.3-7 into Eq. 6.3-18 and develop an expression for Vp, as a func-
tion of Vpp as a function of (8,/Iss)*Vip. Evaluate the large signal, differential
to single-ended voltage gain at V;y = 0 V of Fig. 6.3-4a and compare with Eq.
6.3-20.

6.17 Develop expressions for the maximum and minimum input voltages, Vg;(max)
and Vg;(min), for the differential amplifier of Fig. 6.3-4a assuming Vg; = Vga.
Develop expressions for the maximum and minimum output voltages, Vpy(max) and
Vp2(min). Assume that these limits are found by keeping the appropriate devices in
the saturation region.

6.18 Verify the small signal voltage gain, A, 4 (Eqs. 6.3-20 and 6.3-28), and the output
resistance, rou (Eqs. 6.3-25 and 6.3-31) for the circuit of Fig. 6.3-4a and b.

6.19 Interchange the p-channel and n-channel devices in Fig. 6.3-4c. Assume that
Wi/Ly = Wo/L, and I s = 10 pA. Using the parameters of Table 3.1-2 find the volt-
age gain, A,4q, and output resistance, 7 oy.

6.20 Replace the current sink of Fig. 6.3-12b with the current mirror of Fig. 5.4-12a.
I is to be generated by connecting an arbitrary resistor to Vpp, and Igyr is to be
used as Is. Develop an expression for the CMRR and compare with Eq. 6.3-49.
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6.21 Assume that two equal resistors designated as Rg are placed between the emitters of
Q1 and Q2 at point A in Fig. 6.3-9. Construct a plot similar to that of Fig. 6.3-10 of
the normalized value of /¢, as a function of Vip. Express the differential-in, single-
ended-out transconductance for this case, g, in terms of the transconductance, g,
given by Eq. 6.3-55.

6.22 Find the small signal, differential-in, differential-out voltage gain, input differential
resistance, and output resistance for the circuit of Fig. 6.3-11 if Q1 and Q2 are
matched, Q3 and Q4 are matched, 7gg = 100 uA, Br = 100, Voeny = 100 V, and
Varp = 50 V. Assume room temperature. Repeat for Iss = 10 uA.

6.23 Verify the small signal expressions for A,q4, and A,. and derive an expression for
rou and ryg of the circuit of Fig. 6.3-13.

6.24 Assume that A = 0.01 V, Cy = 0.2 pF, Cyy = 0.1 pF, and ¢, = 0.5 pF for the
MOS differential amplifier of Fig. 6.3-4b. Find the —3 dB frequency in Hertz and
the low-frequency gain (A,as) if (@) Is = 10 uA and (b) Is = 1 mA.

6.25 Assume that Bpy = 100, Brp = 50, Van =100V, Vap =50V, C, =1 pF, C; =2
pF, Ccs = 1 pF, and G = 5 pF for the BJT differential amplifier of Fig. 6.3-11.
Find the —3 dB frequency in Hertz and the low-frequency gain (A,4x) if (@) Igg =
10 nA and (b) Igs = 1 mA.

6.26 Assume that the MOS differential amplifier of Fig. 6.3-4¢ has the parameters K =
2Kp =25 uA/N?, A =0.01 V, Wi/L, =Wy/L, =10, W3/L3=W4/Ls=1,Cg=0.2
pF, Cea = 0.1 pF, and Iss = 100 nA. Find A,u0, @1, @{, and w, defined in Eq.
6.3-84. Find the —3 dB frequency in Hertz for A,4;.

6.27 Assume that the BJT differential amplifier of Fig. 6.3-11 has the parameters of
Br=100,Van =100V, Vap =50V, C; = S pF, C, = 1 pF, and Igg = 100 uA.
Find A,4x, @1, ®{, and w, defined in Eq. 6.3-84. Find the —3 dB frequency in
Hertz for A, 4.

Section 6.4

6.28 If the specifications of an output amplifier include the ability to output a voltage of
+5 V and a slew rate of 10 V/us, what is the maximum required output current if
(@) Ry =10 kQ and G, = 50 pF, (b) R =5 kQ and ;. = 50 pF, and (¢) R = 10 k)
and C. = 100 pF?

6.29 If the dc bias current in a Class A amplifier is 400 uA and the power supplies are
+5 V, find the signal power dissipated in a 10 k(} load resistance for the maximum
output sinusoidal signal. Calculate the power given by the power supplies and divide
this value into the signal power to calculate the maximum efficiency of the Class A
amplifier.

6.30 Use the small signal models for the MOS and BJT transistors to develop the
expression given in Eqgs. 6.4-24 and 6.4-25 for the circuit of Fig. 6.4-9a and b.

6.31 If the n-channel transistors in Fig. 6.4-9a have K = 25 pA/V2, Vo =1V, Vgg =
—3Vg, Vop=—Vss =5V, y=0.5V¥2 ¢y=0.6 V, W /L, =10, and W/L, =40,
find the maximum peak-to-peak output voltage swing if Ry is 10 k), assuming that
the gate of M1 can be driven to within 1 V of the +5 V power supply. What are
the maximum positive and negative slew rates when the output voltage is passing
through zero for a load capacitor of 50 pF (assuming that Vi can be driven to +4
v)?

6.32 Show how the MOS differential amplifier of Fig. 6.3-4c can be used to implement
the error amplifiers of Fig. 6.4-15a. Note that the implementation of one of the
error amplifiers will require opposite-type devices. If all W/L ratios are 1 and each
transistor has a bias current of 50 pA, calculate the loop gain and the small signal
output resistance of the circuit of Fig. 6.1-15a if K% = 2K$ = 25 uA/V2.
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Section 6.5

6.33 Assume that V; of Fig. 6.5-1 is zero and that a resistor R; is connected between a
voltage source, Viy, and V3, and a resistor R, is connected from the output, Vo,
back to the negative input of the op amp. Use the null port concept to find Vo/Vix.

6.34 Repeat Prob. 6.33 if the resistor R, is connected from the negative input to the op
amp to ground, and the voltage source, Vy, is connected to the positive input of
the op amp. R, is still connected between Vo and the negative input to the op amp.

6.35 Analyze the circuit of Fig. 6.5-6b and verify the expression given in Eq. 6.5-17.
Use the techniques illustrated to derive the root locations as given in Egs. 6.5-18,
6.5-19, and 6.5-20.

6.36 Determine the ratios of the emitter areas of Q6 to Q8 and Q7 to Q8 of Fig. 6.5-4a
if Ic; is 5 A and Ics is 25 pA, and the 100 k() resistors are connected from the
collector of Q8 to Voc = 5 Vand Vgg = —5 V.

6.37 For the two-stage BJT op amp, let A, = 100,000, Ryg = 1 M}, and C, = 20
pF. Find I¢;,I¢cs, GB (in MHz), and SR. Assume that the BJT parameters are
Bn = 200,Bp = 50,Van = 100 V, and Vap = 50 V. Give the ratios of the emitter
area of Q6 to Q8 and Q7 to Q8, and determine the value of resistance to be connected
from the collector of Q8 to V¢ if Voc = —Vgg =5 V.

6.38 Repeat Prob. 6.37 if each npn and pnp transistor is replaced with a pnp and a npn
transistor, respectively.

6.39 On a log-log scale with the vertical axis running from 10~ to 10® and the horizontal
axis running from 1 pA to 100 nA, plot the low-frequency gain (A4,), the unity-
gain bandwidth (GB), the power dissipation (Py), the slew rate (SR), the output
resistance (rou), the magnitude of the dominant pole (p;), and the magnitude of the
RHP zero (z) normalized to their values at a bias current (/g = Ipg) of 1 uA as a
function of I'g for values of I'g from 1 uA to 100 A for the CMOS two-stage op
amp of Fig. 6.5-5a. Assume the op amp uses a Miller compensation capacitor, C,
with no R;.

6.40 If W,/L,=W,/L, =10 u/10 u, complete the design of the two-stage CMOS op amp
of Fig. 6.5-5a (i.e., find W3, L3, W4,L4,Ws,Ls,C., and R;). Assume a minimum
transistor dimension of 10 u and use the smallest devices possible. The dc current
is 100 uA in M7 and 200 nA in M8. The op amp is to have a low-frequency gain
of 5000 and a pnity-gain bandwidth of 1 MHz. In addition, all devices should be
in saturation under normal operating conditions, and the effects of the RHP zero
should be canceled. The pertinent model parameters are Ky = 2K3 = 10 pA/V?,
Vin=—Vrp=1V, and Ax = Ap =0.01 V™!, Estimate how much load capacitance,
C., this amplifier should be able to drive without suffering a significant change in
the phase margin. What is the slew rate of this op amp?

6.41 Find all currents in the circuit of Fig. P6.41, A,, GB, SR, roy, power dissipation
(Py), the dominant pole location (py), and the value of R, required to cancel out the
effects of the RHP zero. Assume Vpp = —Vss = 5 V and C;, = 10 pF. The device
parameters for this problem are Vin = —Vp = 1 V, K = 2Kp = 24 HA/V?Z, and
An = Ap = 0.01 V™!, Assume that Wo/Lg = 2W¢/L 9, and find the value of the
ratios that will implement R,.

6.42 Design a folded cascode CMOS op amp that meets the following specifications:
A, = 50,000, GB =5 MHz, and SR ==*1 V/us for a load capacitance of 20 pF.
Assume the device parameters of Ky = 2K} = 25 pA/V?, Vi = —Vpp =1 V,
An = Ap = 0.01 V71, all Vsg = O V, and give the values of the W/L ratio and
the dc currents for each device. What is the power dissipation of your design if the
power supplies are +5 V?
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6.43 Use SPICE to obtain the open-loop magnitude and phase response of the two-stage
CMOS op amp of Fig. 6.5-5a with a 20 pF load capacitance using the W and L
values of Table 6.5-2. What is the phase margin of this op amp?

6.44 Propose and justify a method of measuring the open loop output resistance of an op
amp.

Section 6.6

6.45 If C;; = 0.7 pF and Iss = 10 pA, find the time required for the CMOS differential
comparator of Fig. 6.6-7a to slew 5 V. If C;; = 7 pF and I gg = 20 pA, find the time
required for the BJT differential comparator of Fig. 6.6-7b to slew 5 V. Assume
15 = 1017 and CI = 0.

6.46 Repeat Example 6.6-1 for the calculation of the systematic offset for the BJT
two-stage comparator. Use the device numbering scheme of Fig. 6.6-7. Also, assume
that Voc = 10V, Vgg =0V, Vg = 3V, and Viegs = Vegse = 2 V. The values
of Vapn and Ve are 100 V and 50 V, respectively, and the bias current in Q7 is
20 pA.

6.47 If C,y = 0.2 pF, Cy, = 0.3 pF, and G = 1 pF, find the propagation delay times
T; , T, and T, for the two-stage CMOS comparator of Example 6.6-3.

6.48 If C, =1 pF, C, =5 pF, and G, = 5 pF, find the following propagation delay times
Tp+ , T, and T}, for the two-stage BJT comparator of Example 6.6-3 if 7 = 40 nA
and I's = 100 pA.
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Design Problems

6.49 Design a voltage-driven, inverting voltage amplifier that will provide a gain of at
least —10 and a —3 dB frequency of at least 100 kHz when driving a load of
50 pF in parallel with S0 k. Use the device parameters of Table 3.1-2 or Table
6.1-1.

6.50 Design a BJT inverter that will meet the specifications of Example 6.1-5.

6.51 Repeat Example 6.2-2 using a MOS current-sourcing cascode inverter.

6.52 Design a BJT differential amplifier with a differential to single-ended voltage gain
of at least 100 and a common-mode voltage gain of at most 0.1. The differential
input resistance should be greater than 100 k(). Use the parameters of Table

6.53 ]6).e1si{g.n a CMOS op amp using the topology of Fig. 6.5-5a that meets the following
specifications:
A, > 4000
Vb= +5V
Veis= —5V

GB = 1 MHz (G, = 20 pF)
SR > 2 V/us (C; = 20 pF)
Input common-mode range = *3V
Output voltage swing = =+ 4 V(R = 200 k()
Pgis < 10 mW

Use the parameters of Table 3.1-2, and let all drawn channel lengths be 10 u.
6.54 Design a BJT op amp that will meet the specifications of Prob. 6.6. Use the
parameters of Table 6.1-1.



